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Preface

This book primarily examines active microwave circuit design, an important
part of microwave engineering. This subject has worldwide appeal given the
incredible growth in mobile and satellite communications. In the past, the use of
microwaves was limited to radars and weapon systems, and to remote sensing
and relay systems. However, due to the rapid expansion of mobile and satellite
communication systems in recent years, systems that use radio waves or
microwaves can be found in almost every sphere of our lives. Thus, it is clear
there is an increased need for educational materials about active microwave
circuit designs. This text is intended as a guide for graduate students who have
majored in electronic engineering and its related fields. It should also be useful
to engineers and professionals working in these fields who want to update their
knowledge through independent study.

In writing this guide, I make the assumption that readers have majored in
electronics or related fields as undergraduate students. In particular, readers are
assumed to have the prerequisite knowledge of circuit theory, electronic
circuits, and electromagnetics, which are usually covered in mandatory courses
at the undergraduate level.

Numerous books have been published on the subject of active microwave
circuit design. However, many of these works do not present the hands-on
approach required in modern curricula, making it difficult for readers who only
have the basic prerequisite knowledge mentioned above, to understand and
follow such texts. For these readers, practical design skills may be hard to
acquire by simply reading a text that presents only theory based primarily on
mathematical explanations. On the other hand, most people working in this field
have become familiar with the prevalence of design software employed in
active microwave circuit designs, such as the Advanced Design System (ADS)
from Agilent Technologies and Advancing the Wireless Revolution (AWR)
from AWR Corporation. The design environment for active microwave circuits
has changed drastically with the continuous expansion of microwave
applications into our daily lives. Recently, a variety of software design tools
applicable to circuit design, system design, and electromagnetic analysis of
passive structures has emerged. This has significantly reduced the need for
analytical methods and specific design-oriented, in-house programs for the
design of circuits and systems. With these advances, the rapid exchange of



results between designers has facilitated independent study and experimentation
with basic concepts using software tools and practical designs. Clearly,
innovations in the field underscore the necessity for advanced education in
active microwave circuit design and improvements to relevant software tools.
The practical design skills for active microwave circuit designers can be
effectively improved through hands-on practice with design software. More than
ever, the importance of ongoing education to an engineer in this field cannot be
overemphasized.

Given this perspective, it is my view that an education incorporating these
features has become imperative. With more than 17 years of experience
educating graduate students, I have written this guide to address the critical
importance of this subject. With this book, readers will acquire the practical
skills required for active microwave circuit design using the design software.
The popular Advanced Design System (ADS) from Agilent Technologies is the
design tool used in the book as it has the longest proven track record compared
to other design software. However, since most features of ADS are also available
in other, similar design software, I believe that selecting ADS as the design tool
will not present any critical limitations to readers.

This book is primarily composed of two parts: basic concepts for active
microwave circuit designs, and practical design examples such as low-noise
amplifiers (LNA), power amplifiers (PA), microwave oscillators, phase-locked
loops (PLL), and mixers. The designs of LNAs, PAs, oscillators, and mixers are
essential in building various communication systems, radars, and other
microwave transmitting and receiving systems. Additional components such as
phase shifters, variable attenuators, and switches, although important, appear
only in limited applications and are not used as frequently when compared to the
previously mentioned set of components.

The basic concepts are concisely and clearly explained based on their
physical characteristics. These concepts, essential in an introduction to an
active microwave circuit design course, include passive devices, transmission-
line theory, high-frequency measurement, and an introduction to active devices.
For these basic concepts, this book focuses more on physical concepts and on
understanding the meaning of calculated results rather than on exhaustive
mathematical calculations. This is achieved by presenting critical concepts as
clearly and succinctly as possible. In addition, complex calculations are avoided
whenever possible and Agilent’s ADS is employed to replace them. The
software is used to analyze or verify the basic concepts, enabling readers to
achieve a deeper and more thorough understanding of them. Pertinent, real-



world examples facilitate comprehension and independent study.

For the design of LNAs, PAs, oscillators, and mixers, readers are provided
with practical design examples using ADS that they can subsequently use to
design similar active microwave circuits. I am confident this book will provide
readers with the practical skills necessary for active microwave circuit design.
Finally, although the book is designed for graduate students, it can also be very
helpful as source material for independent study or as a reference book for
professionals.

The text is composed of materials that provide a two-semester course
curriculum. Depending on the students, this can be reduced to a one-semester
course when the foundation topics in the first part of the book are skipped or
covered only briefly. For the design of LNAs, PAs, oscillators, and mixers, a
project-style lecture may be useful. (After a brief explanation of the basic design
components, students establish a lecture style and present their design.) A
solution manual is available for instructors at Pearson’s Instructor’s Resource
Center (IRC). I welcome and appreciate any corrections or suggestions for
improvement to this content.

Register your book at informit.com/title/9780134086781 to access this book’s
ADS examples and problems.

Kyung-Whan Yeom
April 2015
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1.1 Classification of Microwave Integrated Circuits

An active microwave circuit can be defined as a circuit in which active and
passive microwave devices such as resistors, capacitors, and inductors are
interconnected by transmission lines. At low frequencies, the transmission lines
are a simple connection; however, at microwave frequencies they are no longer
just simple connections and their operation becomes a complicated distributed
circuit element. As a result, a microwave integrated circuit’s classification is
based on the fabrication method of the transmission lines used for
interconnection.

There are various types of transmission lines in microwave integrated circuits;
some common examples are waveguides, coaxial, and microstrip lines. Figure
1.1 shows the transmission lines used in microwave circuits. Although there are
special cases of microwave integrated circuits that are composed of coaxial lines
and waveguides, in most cases the microwave integrated circuits are formed
using planar transmission lines. Therefore, the content of this book is restricted
to microwave integrated circuits formed using planar transmission lines,
examples of which are microstrip, slot line, and coplanar waveguide (CPW), as
shown in Figure 1.2. These planar transmission lines are frequently used in the
large-scale production of microwave circuits and generally form the basic
transmission lines for microwave circuits.

(a) (b) c)
Figure 1.1 Some common transmission lines used in microwave circuits:
(a) coaxial line, (b) rectangular waveguide, and (c) microstrip line



(a) (b) (©)

Figure 1.2 Some common planar transmission lines used in microwave
circuits: (a) microstrip, (b) slot line, and (c) CPW (coplanar waveguide).
They are explained in Chapter 3.

The implementation of planar transmission lines on substrates can be
classified into two basic groups: monolithic and hybrid integrated circuits. In
monolithic integration, the active and passive devices as well as the planar
transmission lines are grown in situ on one planar substrate that is usually made
from a semiconductor material called a wafer.

Figure 1.3 shows an example of monolithic integration. Figure 1.3(a) is a
photograph of the top side of a wafer and Figure 1.3(b) shows a single
monolithic microwave integrated circuit; the identical circuits are repeatedly
produced on the wafer in Figure 1.3(a). The monolithic microwave integrated
circuit in Figure 1.3(b) is found to contain active and passive devices, and planar
transmission lines. The monolithic integration provides a compact-sized circuit
and eliminates a significant amount of assembly when building a component or a
system. Especially because size is of critical importance in most recent RF
systems, monolithic integration is frequently employed to provide a compact
component. An advantage of monolithic integration is that it is well suited for
large-scale production, which results in lower costs. A disadvantage is that
monolithic integration takes a long time to develop and fabricate, and small-
scale production results in highly prohibitive costs.
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Figure 1.3 Monolithic integration: (a) a wafer and (b) a monolithic
microwave integrated circuit on the wafer (28 GHz GaAs pHEMT Gilbert
cell up-converting mixer; refer to Chapter 12).

Hybrid integration is a fabrication method in which the transmission lines are
implemented by conductor patterns on a selected substrate with either printing or
etching, and active and passive devices are assembled on the patterned substrate
by either soldering or wire bonding. When implementing transmission lines by
conductor patterns on a substrate, careful consideration must be given to the
substrate material and the conductor material for the transmission lines because
these materials can have significant effects on the characteristics of transmission
lines. Hybrid integration is thus classified into three types based on the method
by which the lines are formed on the substrate: a printed circuit board (PCB), a
thick-film substrate, and a thin-film substrate.

Figure 1.4 shows an example of how connection lines are formed on a PCB



substrate. Both sides of the dielectric material are attached with copper cladding
that is then etched to obtain the desired conductor patterns. For PCB substrate
materials, epoxy fiberglass (FR4), teflon, and duroid are widely used. FR4
substrate (a kind of epoxy fiberglass) can be used from lower frequencies to
approximately 4 GHz, while teflon or duroid can be used up to the millimeter
wave frequencies, depending on their formation. Generally, all these materials
lend themselves to soldering while wire bonding for an integrated circuit
assembly is typically not widely used. Furthermore, compared with other
methods that will be explained later, a PCB can result in lower costs; its
fabrication is easy and requires less time to produce. In addition, production on a
small scale is possible without the use of expensive assembly machines; it is
easy to fix and could also be used in large-scale production, and is thus widely
used.
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Figure 1.4 A photograph of epoxy fiberglass PCBs. The PCBs on the left
are for the X-band and 2 GHz frequency synthesizers using the phase
locked loop. The PCB on the right is for the VHF automatic identification
system, which has a similar block diagram shown in Figure 1.7. The power
amplifier is implemented in a separate block.

Thick-film substrates are produced by screen-printing techniques in which
conductor patterns are formed by pushing conductive paste on a ceramic
substrate through a patterned screen and then firing printed conductor patterns.
The substrate is called thick film because the patterns formed by such techniques



are generally much thicker than those formed using thin-film techniques. As a
benefit of using screen-printing techniques, multiple screen printings are
possible. Dielectric or resistor patterns can also be formed by similar screen-
printing techniques using dielectric or resistor pastes. Using an appropriate order
of multiple screen printings, it is also possible to form capacitors and resistors on
the ceramic substrate. Since the ceramic substrate is more tolerant of heat, it is
easy to assemble active devices in the form of chips. On the other hand,
considering the lines and patterns formed by this process, the pattern accuracy of
thick film is somewhat inferior compared to that of thin film. The costs and
development time, on a case-by-case basis, are somewhere between those of the
PCB and thin-film processes. Recently, however, the integration based on thick-
film technology has become rare because its cost and pattern accuracy are
between the PCB and thin-film technology, while thick film is widely used to
build multifunction components. A typical example is the package based on
LTCC (low-temperature co-fired ceramics) technology.l Multilayer ceramics and
structuring are possible in LTCC technologies. Figure 1.5 shows a photograph of
thick-film patterned substrates fabricated using the thick-film process.

1. Refer to Barry LTCC, LTCC Surface Mount T/R Module, at www.barryind.com.

Figure 1.5 A photograph of substrates fabricated by the thick-film process.
Identical circuits can be arrayed for efficient production. This circuit is for
the mobile communication VCO presented in Chapter 10.

The thin-film technique is very widely used in the fabrication of microwave
circuits for military and microwave communication systems. In the case of the
thin-film process, a similar ceramic substrate material used in thick film is
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employed, but compared to the thick-film substrate, a fine surface-finish
substrate is used. The most widely used substrate is 99% alumina (Al,0O5). Other

substrates such as fused silica, quartz, and so on are possible for conductor-
pattern generation based on thin-film technologies. The pattern formation on the
substrate is created with a photolithographic process that can produce fine tracks
of conductor patterns similar to those in a semiconductor process. Since the thin-
film substrate is also alumina as in the case of a thick-film substrate, the
assembly of semiconductor chips using wire bonding is possible. Thin film
compared with PCB and thick film is more expensive, and due to the
requirement of fine tracks, a mask fabrication is necessary and the process
generally takes longer. Passive components such as resistors and air-bridge
capacitors can be implemented using this process. In addition, integrated circuits
produced by the thin-film process require special wire bonders and
microwelding equipment for assembly. Compared to the monolithic integration
process, the thin-film process tends to be cheaper in terms of cost, but compared
to MMIC, the assembled circuit using the thin-film patterned substrate is
difficult to characterize precisely because of unknown or poorly described
parasitic circuit elements associated with the assembly methods such as wire
bonding and die attach. Before the emergence of MMICs (monolithic microwave
integrated circuits), thin-film technology was the conventional method for
building microwave-integrated circuits (MICs). Figure 1.6 is a photograph of
thin-film circuits fabricated with the thin-film technique.

Figure 1.6 A photograph of substrates produced by the thin-film process.



From top left to bottom right, they are filter, phase shifter, power amplifier
(presented in Chapter 9), path-switching circuit by assembly, power divider,
and 50 Q lines.

The choice of integration method depends on the application and situation,
taking into account several factors mentioned previously, such as the operating
frequency of the integrated circuit, the types of semiconductor components (chip
or packaged), the forms of the passive components, large-scale fabrication costs,
and method of assembly. These factors should all be considered when selecting
the optimum method of integration. For a description of microwave-patterned
substrate fabrication, assembly with wire bonding and soldering, and packaging,
see reference 1 at the end of this chapter. The book provides general information
about microwave-circuit fabrications. Table 1.1 provides a comparison of the
hybrid integrations described previously.

Technology Cost Fabrication Pattern  Assembly
Time Accuracy
PCB Low Short Low Soldering
Thick film Middle Middle Low Soldering and wire bonding
Thin film High Long Fine Soldering and wire bonding

Table 1.1 Comparison of hybrid integration

Now we will consider the application of the planar transmission lines such as
microstrip, slot, and CPW to the monolithic and hybrid integration technologies.
Microstrip lines are the most widely used transmission lines for both monolithic
and hybrid integration technologies. In microstrip lines, the top conductor
pattern is usually connected to the ground by a through hole or a via hole. Thus,
the back-side process for the through-hole or via-hole fabrication is essential to
building a circuit based on microstrip lines. This back-side process is
inconvenient especially in the monolithic integration. In hybrid integration, the
holes can be fabricated through simple mechanical drilling for a PCB case and
through laser or ultrasonic drilling for thick-and thin-film cases. Then, plating
the fabricated holes completes the fabrication of a through or via hole. However,
to fabricate via holes in monolithic integration, a wafer that typically has a
normal thickness of about 600 pm should be polished down to about 100 pm
thickness. Current technology does not support via-hole fabrication beyond 100
pm. In Figure 1.2, we can see that the CPW and slot lines do not need the back-
side metallic ground and they eliminate the need for any additional back-side



metallization process. The CPW is very helpful in monolithic integration and is
widely used to build MMICs without vias. However, the discontinuities of
CPWs are not well understood compared to those of microstrip lines and the
integration based on a CPW is not as popular as that based on a microstrip. The
various discontinuities of microstrip and slot lines, CPWs, and planar
transmission lines are covered in reference 2 at the end of this chapter.



1.2 Microwave Circuits in a Communication System

Microwave integrated circuit classification has been discussed previously. The
microwave integrated circuit was classified according to the method of
implementing the planar transmission lines for the purpose of connecting active
and passive devices. The functions of microwave integrated circuits vary greatly
and we will now consider several important microwave integrated circuits, the
designs of which will be discussed in later chapters. Some examples of these
circuits are low-noise amplifiers (LNA), power amplifiers (PA), oscillators,
mixers, directional couplers, switches, attenuators, and filters, among a host of
other microwave-integrated circuits. Among these, directional couplers,
switches, attenuators, filters, and so on, are basically passive microwave circuits,
although they are very widely used. Thus, they are not covered in this book
because they are considered to be outside its scope. In addition, although
components such as switches, variable attenuators, phase shifters, and other
control circuits are important and are composed of semiconductor devices, they
are generally not regarded as the basic building blocks of a wireless
communication system. Therefore, this book will only cover low-noise
amplifiers, power amplifiers, oscillators, and mixers, which are the most widely
used circuits in the construction of wireless communication systems. The basic
design theory of these circuits as well as the devices related to them will be
explained in this book.

As an example of a wireless communication system, Figure 1.7 shows a block
diagram of an analog cellular phone handset (Rx frequency is 869—-894 MHz and
Tx frequency is 824-849 MHz).2 A general transceiver used for the transmission
and reception of analog signals (usually voice) has a similar block diagram that
is shown in Figure 1.7. A weak RF signal with a typical power level of about —
100 dBm (0.1 nW) received from an antenna first goes through a filter called a
diplexer and the signal is received only in the receiver frequency band. The
filtered signal is too weak for direct demodulation or signal processing, and a
low-noise amplifier (LNA) with a gain of 20-30 dB is required to amplify the
received signal. Too much gain may cause distortion and an LINA with a gain of
20-30 dB is usually employed. Chapter 8 provides a detailed explanation of the
design of an LNA.

2. Refer to AMPS (Advanced Mobile Phone System) standard.
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Figure 1.7 A block diagram of an analog mobile phone handset (AMPS
standard). Tx_EN stands for Tx enable and ALC stands for automatic level
control. Tx_ and Rx_data are required to set the programmable frequency
dividers in Tx and Rx synthesizers. LE stands for Load Enable. When LE is
high, the digital channel data are loaded to the corresponding
programmable frequency divider in PLL IC. Synthesizers are explained in
Chapter 11. Lock signal indicates that the synthesizer using PLL is in a
locked state.

Next, because the received signal frequency is so high, the first mixer shown
in Figure 1.7 translates the carrier frequency to a lower frequency band called
first IF (intermediate frequency). A double-conversion superheterodyne receiver
is more widely used than a single-conversion super heterodyne receiver in a
communication system. The filter in front of the first mixer again suppresses
both the image frequency signal and other signals at the outside of the receiving



frequency band. Since multiple users in service are using the same frequency
band, multiples of other user signals generally coexist with the signal in the first
IF. Intermodulations among the multiple signals are one of the crucial issues in
mixer design. Chapter 12 describes the typical topologies of various mixers for
suppressing such spurious signals. In order to filter out possible spurious signals
that appear at the first mixer output, the signal is passed through a narrow
bandpass filter that has a bandwidth of about the signal bandwidth. The first IF
filter removes many unwanted spurious signals although it may not be
completely sufficient. The first IF output is converted again through the second
mixing. Now the center frequency of the second IF is low enough, the highly
selective filter is available, and the spurious signals can be sufficiently
suppressed through the second IF filter. In addition, the signal frequency is low
enough and can be demodulated for the recovery of the original signal. The
demodulator is an FM demodulator and is almost the same as the FM
demodulator that is commercially popular.

Note that the mixer requires the input signal from a local oscillator (LO) for
the translation of the signal frequency to the IF. The two LO signals are supplied
from the two Rx-synthesizers and each Rx-synthesizer consists of a voltage-
controlled oscillator (VCO) and a commercial PLL (phase-locked loop) IC
(integrated circuit). Since the frequency of most VCOs is not stable enough to be
used in such communication systems, the frequency of a VCO must be stabilized
using a stable crystal oscillator (XO in Figure 1.7) with a typical temperature
stability of 2 ppm (parts per million) and a phase-locked loop (PLL).
Furthermore, the LO frequency should be moved up and down according to the
base station commands. Such frequency synthesis and stabilization can be
achieved by a phase-locked loop (PLL). To build a frequency synthesizer using
PLL, the VCO frequency as well as the crystal oscillator frequency must be
divided by appropriate programmable frequency dividers in the PLL IC. The
signals CLK, Rx_ChDATA, Rx_ChLE, and Rx_Lock, shown in Figure 1.7, are
the digital signals between the PLL IC and the system controller. The clock
signal CLK is used for the timing reference signal that is generated by the
system controller using the crystal oscillator. Rx_ChDATA sent from the
controller represents the digital data to set the programmable frequency dividers.
The signal Rx_ChLE selects the corresponding programmable divider for
Rx_ChDATA to be loaded among several frequency dividers in the PLL IC.
When phase lock is achieved, the PLL IC sends the signal Rx_Lock to the
system controller to inform the phase lock completion. The two Rx synthesizers
are necessary for the double-conversion superheterodyne receiver. The



commercial PLL IC generally includes the necessary components to achieve the
phase lock for two VCOs in a single PLL IC. Thus, the LO signal for the second
conversion is similarly synthesized using a single PLL IC. The design of the Tx
and Rx VCOs in Figure 1.7 as well as the other microwave VCOs are described
in Chapter 10, while the PLL’s operation is explained in Chapter 11.

In the transmission operation, the modulation input signal (usually voice) goes
to the modulation input of a Tx synthesizer. The Tx synthesizer is similarly
composed of a VCO and a PLL IC. Through the PLL IC, the desired carrier
center frequency is similarly synthesized as in the Rx synthesizer. The digital
signals CLK, Tx_ChDATA, Tx_ChLE, and Tx_Lock are similarly interpreted as
in the Rx synthesizer. The modulation signal has a generally higher frequency
than the PLL loop bandwidth and thus can modulate a VCO without the effects
of a PLL. Therefore, the frequency-modulated (FM) signal appears at the Tx
synthesizer output with the synthesized carrier frequency. The modulated signal
then passes through the bandpass filter that removes unnecessary or spurious
signals. The average output power level of the modulated signal is generally
low; thus, in order to obtain the desired RF power output level, the signal must
be amplified by a power amplifier (PA) whose typical maximum output power
level is about 1W. The function ALC (Automatic Level Control) is generally
built in to control the transmitting power level. When a user is close to the base
station, the transmitting power level is set to low; otherwise, it is set to high for a
better quality of communication. The PA output signal is then passed through a
diplexer without affecting the receiver and radiated via the antenna. A power
amplifier is important in this type of communication system because it consumes
most of the DC power supplied from a battery. Furthermore, because a power
amplifier operates in large-signal conditions, significant distortion arises. In
Chapter 9, we will discuss the design and linearity evaluation of a power
amplifier.

Given the preceding discussion, the key circuits in building a communication
system are a low-noise amplifier, a power amplifier, oscillators, and mixers.
With that in mind, this book will discuss in detail the design and evaluation
method of these circuits.



1.3 Summary

* Microwave integrated circuits can be classified according to the
fabrication method of the patterned substrate and in terms of
monolithic and hybrid integration. Hybrid integration can be further
classified into integrations based on PCB, thick film, and thin film. In
the selection of integration, one type cannot be said to be superior to
the other; the choice is made depending on the application and given
situation, and by taking into consideration several factors such as cost,
time, pattern accuracy, and assembly.

« Among active microwave circuits, the most commonly used building
blocks for wireless communication systems or other systems, such as
repeaters, transponders, and radars, are amplifiers, oscillators, and
mixers.
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Problems

1.1 A waveguide generally has lower line loss than a microstrip. An SIW
(substrate integrated waveguide) can be considered as the planar version of
a waveguide. How is an SIW configured using a substrate?

1.2 Find the TR (transmission and receiving) module example built using a
LTCC on the Web site www.barryind.com.

1.3 How is the ALC in Figure 1.7 constructed?

1.4 Refer to the FM demodulator IC SA605, which is used to demodulate
an FM signal. Explain how the FM signal is demodulated using its block
diagram.

1.5 Refer to the Web site of vendors of PLL IC such as Analog Devices Inc.
or other companies. Explain the synthesizer data bus shown in Figure 1.7.

1.6 How can the PLL be modulated? Explain how to set the PLL loop
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bandwidth by taking the bandwidth of a bandlimited modulation signal into
consideration.
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2.1 Impedances

Passive devices include resistors, capacitors, and inductors. When these
devices are used in a circuit, their most fundamental property is their impedance.
The impedance Z of a resistor, capacitor, and inductor are expressed,
respectively, below in Equations (2.1)—(2.3).

Z =R 1)
1
/AR
= Tt 22)
Z, = joL (2.3)

Figure 2.1 shows the log-log scale plot of |Z| in the equations above. In the
case of a resistor, it exhibits constant impedance independent of frequency, while
the impedance of a capacitor linearly decreases, and that of an inductor increases
with frequency, as shown in Figure 2.1. There are various ways of fabricating
resistors, capacitors, and inductors, which produce similar impedance
characteristics for some limited ranges of frequency. In this chapter, we will
examine how the passive devices are classified based on their fabrication
methods, and we will look at the impedance characteristic dependence on
fabrication methods. Commercially available resistors, capacitors, and inductors
generally exhibit the impedance characteristics shown in Figure 2.1 at low
frequencies; however, they generally do not have the simple and ideal
characteristics described above as the frequency increases. The impedance
characteristic typically becomes more complicated at higher frequencies and it is
necessary to examine the characteristics before circuit design. In practice,
complicated equivalent circuits are needed for their representations as the
frequency increases, which adds to the difficulty and complexity of circuit
design at high frequencies.
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Figure 2.1 Impedance plots of a 100 Q resistor, a 10 pF capacitor, and a
100 nH inductor

In such circumstances, the equivalent circuit that properly reflects the
impedance characteristics in the frequency range of operation should be used in
circuit design. The critical factors will be the understanding of the typical
equivalent circuit of such commercially available resistors, capacitors and
inductors, and the technique to determine the equivalent circuit values with given
data. Typical forms of data are available as a datasheet and library in design
software. When data are not available, measurements or EM simulations can be
carried out to determine them. Therefore, in this chapter, detailed data analysis
techniques and appropriate measurement techniques in the absence of data will
be discussed.



2.2 Classification

Largely based on their fabrication method, passive devices are classified into
lead-type and chip-type components, and pattern-type passive components.
Lead-type and chip-type components are widely available commercially.
Photographs of them are shown in Figure 2.2 and Figure 2.3, respectively.
Pattern-type passive components are formed by patterns on substrate.
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(a) (b) (c)
Figure 2.2 Lead-type components: (a) resistor, (b) capacitor, and (c)
inductor
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(a) (b)
Figure 2.3 Chip-type components: (a) resistor, (b) capacitor, and (c)
inductor
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The assembly method of lead-type and chip-type components differs. While
lead-type components are basically assembled using an insertion technique,
chip-type components are assembled using a surface mounting technique. In



assembling a lead-type component, the lead terminals are first bent and inserted
into through holes formed in the printed circuit board. The unnecessary lead
terminals are then cut and the printed circuit board with lead-type components is
dipped into melted solder, and finally the lead terminals are soldered to the round
conductor patterns formed around the through holes on the bottom side of the
PCB. In the case of chip-type components, solder creams are first printed to land
patterns formed on a printed circuit board or substrate, and chip-type
components are mounted on the land patterns manually or automatically. Finally,
passing through a reflow machine with an appropriate temperature profile, the
soldering of chip-type components to the land patterns is completed. In the case
of lead-type components, it should be noted that the lead terminals are supposed
to be used only for connections. However, they also give rise to parasitic
inductance at high frequencies, and consequently the impedance of the
remaining lead terminal adds to the impedance of the passive device. In the past,
these lead-type components were mostly used as passive devices before chip-
type components became commercially popular. But due to the fluctuations
arising from the length of the lead terminals when assembled, lead-type
components are seldom used at high frequency although they are still used for
low-frequency applications. In addition, lead-type components are generally
bigger than chip-type components.

Compared to lead-type components, chip-type components have relatively
fewer parasitic elements caused by the terminals, which becomes advantageous
at high frequencies. However, the key reason for the popularity of these devices
is miniaturization rather than their advantage for use at high frequencies. In
addition, the surface-mounting technique, which provides an advantage in large-
scale fabrication, is another reason why they are widely used.

Pattern-type passive components can usually be produced on the substrate by
using the process of a monolithic microwave integrated circuit (MMIC) or thin
film in situations where a circuit designer directly creates passive devices
through the use of patterns. However, there are limits to the range of values
attainable with this method compared to chip-type or lead-type components,
which is a disadvantage.

In the case of a resistor, as shown in Figure 2.4(c), a thin film of a resistive
material (usually NiCr and TaN) is used as a resistor pattern on which the
conductor pattern (for the purpose of connection) is formed by the appropriate
technique. The resistor in Figure 2.4(c) has a uniform thickness and the
resistance is thus proportional to the length (L) and inversely proportional to the




width (W). The proportionality constant is defined as the sheet resistivity Rq, and
the resistance R is given by Equation (2.4).

L
R=Rs75 (2.4)
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Figure 2.4 Passive components produced by pattern formation: (a)
inductor, (b) capacitor, and (c) resistor

Note that Rg has the dimension of Q/square.

In the case of the capacitor in Figure 2.4(b), a uniform-thickness dielectric
sheet is formed on the bottom conductor pattern, a top conductor pattern is again
formed on the dielectric, and a metal-insulator-metal (MIM) capacitor is formed.
The dielectric material’s thickness, generally determined by the process, is
constant and once the sheet capacitance Cg has been determined, the capacitance

is then directly proportional to the surface area (A) and is expressed in Equation
(2.5).

€= GA (2.5)

Of course, as the frequency increases, the parasitic elements inherent in the

MIM capacitor will appear, and will need appropriate modeling in the frequency
range of operation.



In the case of an inductor, it is usually implemented as a spiral type, as shown
in Figure 2.4(a). Its design is not as simple as that of a capacitor or resistor.
Foundry-service companies usually provide measured results or data on several
configurations of inductors. In the absence of this information, the values of
inductors are determined through electromagnetic (EM) simulation. In addition,
although the assessment of these pattern-type components is important, when
viewed from a design point of view, the construction of their equivalent circuits
is the same as that of chip-type or lead-type components, and so its specific
discussion will be omitted here.

Example 2.1

(1) Given that the sheet resistance Rg is 50 Q/square, calculate the
resistance of the component shown in Figure 2E.1 below.

L=60pm
< =

W=30pm

Figure 2E.1 Resistor pattern

(2) The permittivity of an MIM capacitor is 7.2 and its thickness is 0.4
um. Determine the sheet capacitance in pF/mm? and then calculate the
capacitance of a 50 pm? capacitor.

Solution

(1) In the case of the resistor, since the value of the sheet resistance Rg
is 50 /square, then
L 60
R =R75=50x 725 = 100Q
(2) In the case of the capacitor, the sheet capacitance per square mm is



1 mm?*

C, = e,eé = 8854 pF/m x7.2x g5 -

— 8.854 pF/m X 7.2 X B_‘;‘ = 159'pF

Thus, Cg = 159 pF/mm? and for a capacitor having an area of 50 pm x 50
pm, the capacitance is

C = Cs x 0.05% = 159 x 0.05 pF = 0.398 pF




2.3 Equivalent Circuits

As mentioned earlier, pattern-type passive components require the thin-film or
MMIC process. When pattern-type components are not used, the most likely
choice for passive components in high-frequency applications is chip-type
components because lead-type components are not appropriate for higher-
frequency applications. In this section, the methods for manufacturing and
evaluating chip-type components will be explained. In addition, the method for
extracting the equivalent circuit from given data will be described.

2.3.1 Chip-Type Capacitors

A chip-type capacitor is usually constructed using a multilayered structure, as
shown in Figure 2.5. Each terminal consists of a number of parallel conducting
plates (in Figure 2.5, they are labeled as internal electrodes), and the sum of the
capacitance formed between the parallel conducting plates appears at the
terminals of the chip-type capacitor. The dielectric fills the space between the
conducting plates and its dielectric constant further increases the capacitance
between the terminals.

Internal Electrode Dielectric

Figure 2.5 Structure of a chip capacitor. The capacitance appears at the two



terminals and is the sum of the capacitance appearing between two nearby
conducting plates. Using high-permittivity ceramic material, the
capacitance can be increased.

The classification of chip-type capacitors is based on the geometrical
parameters shown in Figure 2.6: length L between the terminals and terminal
width W. Based on a standard unit of mm, a capacitor having a length of 1.0 mm
and a width of 0.5 mm is called type 1005; following a similar definition, type
1608 is a capacitor that has a length of 1.6 mm and a width of 0.8 mm. This
classification is not limited to capacitors; resistors and inductors are classified in
the same way. Thus, a 1608 resistor represents a chip resistor with a length of 1.6
mm and a width of 0.8 mm.

L —

Figure 2.6 Dimensions of a chip-type component (L: length, W: width)

The impedance of such a capacitor depends on the frequency and the general
equivalent circuit as shown in Figure 2.7. In that equivalent circuit, C represents
the capacitance of a chip capacitor, L is the parasitic inductance that appears due
to the multilayer structure, and R represents the loss in the dielectric material
used in the capacitor. Therefore, from a structural point of view, as the size of the
capacitor becomes smaller, inductance L generally becomes smaller. It should
also be noted that the inductance generally tends to be constant regardless of the
value of the capacitance when the size of the chip-type capacitor is equal.

o | {W\—\/\/\/\—o

C L R

C: capacitance of the capacitor

L: parasitic inductance (0.7 nH-1 nH)

R: represents the loss of the conductor plate



Figure 2.7 The equivalent circuit of a chip-type capacitor. C is the value of

the capacitor and L occurs due to conductor patterns used to form the

capacitor. R is due to the conductor and dielectric losses.

Figure 2.8 shows the impedances of chip-type capacitors with respect to
frequency. Looking at the 100 pF curve in the figure, a frequency of about 100
MHz, the impedance decreases linearly with frequency. This is obvious because
at low frequency the chip capacitor behaves as an ideal capacitor. Since it shows
an impedance of about 30 Q at 50 MHz, it can be seen to have a capacitance of
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Figure 2.8 Impedance characteristics of GRM36 series chip-type capacitors



(refer to the datasheet!)
1. Murat Manufacturing Co. Ltd., Chip Monolithic Ceramic Capacitor, 1999.

The error in the calculated capacitance value is due to the approximate reading
of the impedance value from the graph. From Figure 2.8, as the frequency
increases, the impedance, after reaching a minimum, rises again. This can be
understood from the equivalent circuit of the chip-type capacitor in Figure 2.7.
While the impedance of capacitor C in Figure 2.7 is decreasing, that of inductor
L is increasing with frequency. Thus, as the frequency increases, inductor L in
Figure 2.7 becomes dominant, which explains why the impedance of the chip-
type capacitors shown in Figure 2.8 increases with frequency.

From the minimum point of the 100 pF curve in Figure 2.8, series resistance R
in the equivalent circuit of Figure 2.7 is found to be approximately 0.2 Q.
Furthermore, at a frequency of 1 GHz, assuming that the impedance is mainly
determined by an inductor, the approximate value of the inductor can be
obtained from the curve. Since its impedance is approximately 5 Q at 1 GHz, the
approximate inductance value is found to be
i > - nH = 0.8 nH

o L

T2fC x1x10°  2x

More accurate values of the equivalent circuit can be determined by curve
fitting, which is widely used to fit such data.

Thus, in the case of the 100 pF capacitor, when used at a frequency of over 1
GHz, it acts as an inductor rather than a capacitor. In order to use the 100 pF
capacitor as a DC block, it must have, at most, an impedance below 5 Q (which
is estimated as 1/10 of a standard impedance value of 50 Q). From the graph in
Figure 2.8, it is possible to use the 100 pF capacitor as a DC block or a bypass
capacitor in the frequency range of 300 MHz to 900 MHz. Its use as a DC block
at a higher frequency poses a difficulty due to the effect of the parasitic inductor.

2.3.2 Chip-Type Inductors

The manufacturing methods of chip-type inductors are somewhat more
diverse when compared to those of chip-type capacitors. The structures of chip
inductors vary, depending not only on their manufacturing methods but also on
their values, DC current limits, and frequency coverage. Thus, the structures are
not shown here and readers should refer to the datasheet. Basically, an inductor
is formed by winding enamel-coated copper wire on either a ferrite core or
dielectric materials. The enamel-wire winding is sometimes replaced by thick-
film printing technologies. After the inductor is formed by winding, appropriate



solder terminals for connections are made. More winding is possible with a wire
of thinner diameter. The inductance can be significantly increased by increasing
the number of windings. However, it should be noted that this will lead to
increasing series resistance and decreasing current capacity. In addition, this will
also lead to a proportional increase of parasitic capacitance. Therefore, the
inductor with a larger inductance value usually cannot be used at high
frequencies. Consequently, when inductors are employed in designing a circuit,
the datasheet should be carefully consulted in order to determine the frequency
range of operation. Since the inductor generally shows a parallel resonance due
to parasitic capacitance, the inductor can be used as a resonator. However, the Q
of the parallel resonance is generally low. Thus, when applied as a resonator to
an oscillator, for example, a close examination of the datasheet for the Q value is
required.

Figure 2.9 shows a typical equivalent circuit of a chip-type inductor where L
represents the inductance arising from the winding, R represents the winding
resistance, and C represents the sum of parasitic capacitances appearing between
the windings.

o @ @ o

C

Figure 2.9 Equivalent circuit of an inductor. L is the value of inductor and
C represents stray capacitance between the winding. R represents the
winding-coil loss.

In Figure 2.9, at an extremely low frequency the chip-type inductor acts like a
resistor R. As the frequency increases, the impedance of L in the figure becomes
dominant and it acts as an inductor. As the frequency increases further, the
impedance of C in the figure becomes smaller and then the inductor behaves as a
capacitor. Thus, the approximate frequency range for the chip-type inductor in
Figure 2.9 to be used as an inductor is shown in Equation (2.6).
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Figure 2.10 shows the impedances of chip-type inductors with respect to

frequency. In this figure, examining the 100 pH curve, it is found that the

impedance increases linearly with frequencies up to 10 MHz. Thus, below 10

MHz, the chip-type inductor behaves as an inductor. Since the impedance value

at 1 MHz appears to be approximately 0.6 kQ, the inductance value is computed
X,  06x10° 06

e, = 2% WH=954pH
obe  27f  2ax1x10° 2z 3
1000 ¢
100 |
_ -
g 0}
: :
&
=
&
g 1}
& E
-
£
0.1}
00] A R R ERET sl il T
0.01 0.1 1 10 100 1000

Frequency (MHz)

Figure 2.10 Impedance characteristics of IMC1210 series chip-type
inductors (refer to the datasheet?)
2. Vishay Intertechnology, Inc., http://www.vishay.com/docs/34043/imc1210.pdf, 2012.

Due to the approximate reading of the impedance value from the graph, an
error arises in the calculated inductance value. As the frequency increases, the
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impedance begins to fall after reaching a maximum point, which is due to the
influence of the parasitic capacitor in the equivalent circuit in Figure 2.9. Thus,
as the frequency becomes much higher, the inductor acts as a capacitor.

Assuming that at a frequency of 100 MHz the impedance is mainly due to a
capacitor, then because its impedance is approximately 0.5 kQ at this frequency,

the value of the capacitor is computed to be
C = L = 1 - pF = 3.2 pF

2nfX, 2w x05x10° x100x10° 27 x0.5

From Figure 2.10, the resistance at the maximum point (or parallel resonance)

is 100 kQ. The impedance value at this frequency becomes, approximately,

2
%zlﬂ[ﬂ(

and the value of the resistor in  Figure 2.10 s
2
(0,L) (27 x10x10° x 100 x 10)

100k 100 % 10°

= 47* x 10 = 390 Q

2.3.3 Chip-Type Resistors

The structure of a chip-type resistor is shown in Figure 2.11(a), where the
resistor is manufactured by printing a resistive material (RuO,) on a ceramic

substrate. In addition, the terminals for connection are formed using a similar
thick-film printed conductor pattern as shown in the figure. The thick-film
printed terminals are plated to make soldering possible. Furthermore, in order to
prevent oxidation or damage to the resistive material, a glassy coating is added
to the resistive material in a post-processing application.
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Figure 2.11 Chip-type resistor; (a) structure and (b) photo. A chip-type
resistor is formed by printing the resistive material using thick-film
technology. A glass coating is applied for protection. The resistor’s value is
sometimes marked on the glass coating. Two digits represent the value of
the resistor and the remaining digits represent the exponent. Thus, the three
digits 342 stand for 3.4 kQ.

A similar classification to that of capacitors (1005, 1608, and 2010) is also
used in the classification of chip resistors. As the size of chip-type resistors gets
smaller, similar to a capacitor the impedance characteristics generally become
more ideal, that is, they can be applied to higher frequencies. Another factor to
note is power consumption. The power consumption that a chip-type resistor can
withstand is usually listed in the manufacturer’s datasheet. The power
consumption capability becomes generally smaller as the size of the resistor
shrinks.

Depending on the manufacturer, the value of the resistor is sometimes marked
on its surface, as shown in Figure 2.11(b), which makes the identification of that
value much easier. In Figure 2.11(b), following a general notation, the first two
digits represent the value of the resistance and the remaining digits represent the
exponent. Thus, a 3.4 kQ resistor is denoted as 342 = 34 x 10° = 3.4 x 10° = 3.4
k The impedance characteristic with respect to frequency and the equivalent
circuit of a chip-type resistor are not generally known. The method explained in
the following section can be used for measuring the unknown impedance
characteristic of a chip-type resistor. Using the measured impedance
characteristic, the equivalent circuit of chip-type resistor may be found to be
similar to chip-type capacitors and inductors.



2.4 Impedance Measurements

Chip-type passive components can all be considered as one-port components.
Thus, using an impedance analyzer or a network analyzer, their impedance
characteristics can be measured. Here, the method of measuring the impedance
characteristics using the widely available network analyzer is presented. It
should be noted that this method may be accompanied by significant errors when
used with high frequencies.

First, in order to perform measurements using the network analyzer, a coaxial
small miniature assembly (SMA) connector must be prepared and its soldering
tab (if present) should be removed, as shown in Figure 2.12. Next, the network
analyzer should be calibrated with the one-port calibration procedure that is
installed in the network analyzer. The calibrated reference plane appears at plane
T in Figure 2.12. The calibrated reference plane T means that the measured
impedance using the network analyzer includes all the effects of components
connected after plane T. Here, for the time being, the calibration can be
understood as the elimination of the non-ideal characteristics of the network
analyzer and the movement of the measurement plane to plane T. In practical
measurement, cables and adapters can be included for connecting the network
analyzer to the assembly shown in Figure 2.12. Also, the network analyzer itself
has the non-ideal characteristics. Without the calibration procedure, both the
characteristics of cables and adapters and the non-ideal characteristics of the
network analyzer are included in the measured impedance. Both of these effects
can be removed through the calibration. After the calibration, the impedance can
be correctly measured without the effects of cables and adapters and the non-
ideal characteristics of the network analyzer. After completing the one-port
calibration, the calibrated reference plane appears normally at plane T of the
connector.
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Figure 2.12 Assembly for the measurement of a passive component; (a)
back and (b) side views. Plane T is the conventional reference plane that
appears after the completion of the network-analyzer calibration. The
reference plane T can be moved to a new reference plane T’ using electrical
delay or port extension utilities.

The measured results at the calibrated plane T obviously include the length
effect of the SMA connector, but the correct impedance of the passive
component is defined at plane T’. Therefore, the length effect of the SMA
connector should be removed from the measured impedance, which can usually
be done by using the electrical delay or port extension function installed in the
network analyzer. Since the measured impedance at plane T’ in Figure 2.12
without the chip component should be oo, it should be corrected to be open
through the adjustment of the electrical delay. Now, the calibrated reference
plane is moved to T’. The measured impedance based on this method may
include some errors because such an open is not an ideal open.

Next, the passive device under test (DUT) is connected by soldering the chip
component to a connector, as shown in Figure 2.12(b). The measured impedance
at plane T’ corresponds to the impedance value of the chip component. Figure
2.13 shows an example of the measured impedance following the method
presented. The DUT is a zero-biased varactor diode. The series resistance of the
varactor diode is found to be approximately 0.5 Q. At low frequency, the



measured reactance is negative and this implies that the varactor diode acts as a
capacitor. However, as frequency further increases, the diode behaves as an
inductor. Thus, the varactor diode can be modeled by the series resonant
equivalent circuit in Figure 2.7. The values of R, L, and C can be determined
through optimization.

X(Q) R(Q2)
30 Y T ] 10
Measured X  —| ]

of Varactor >/
/

/ Varactor Diode
/ Resistance R

OO e et I e 0

0.8 GHz 3 GHz
Frequency

Figure 2.13 Measured impedance for a chip varactor diode using the
method presented. The varactor diode can be modeled by a RLC series
resonant circuit with a resonance frequency of about 1.4 GHz.
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The limitations of the method presented will primarily be in the connector.
Typical SMA connectors can be used up to 18 GHz. Thus, the measurement of
impedance characteristics is possible only below 18 GHz using an SMA



connector. However, even the use of other high-frequency coaxial connectors
(2.9 mm or 2.4 mm coaxial connector, to be described later) instead of the SMA
does not improve the accuracy of the measurements at a higher frequency. The
reason for this is because an open circuit created by the open coaxial connector
is not truly open. In practice, the open end of the connector shows the fringing
capacitance and the radiation resistance. In addition, no matter how these factors
are corrected, when a device is attached, the field shape of the coaxial connector
is distorted, which is the reason for the difficulty in obtaining accurate
impedance characteristics for a device at a higher frequency.

Example 2.2

Open the Murata capacitor library in ADS. After computing the 10 pF
impedance by simulation, obtain its equivalent circuit.

Solution

Figure 2E.2 shows the simulation schematic for computing the
impedance of a 10 pF capacitor. In the schematic of Figure 2E.2, Vout
becomes the impedance since the AC current source is set to 1 A. Plotting
the real and imaginary parts of Vout separately, the graphs in Figure 2E.3
are obtained. From Figure 2E.3(a), we can obtain R = 0.17 Q.

C1
PART_NUM=GRH708C0G100D200 10pF

Vout
©
% ac]
SRC1 — s
< AC1
lac=polar(1,0) A Start=0.5 GHz

Stop=5 GHz
L —L Step=5 MHz

Figure 2E.2 Simulation schematic for the Murata 10pF capacitor
impedance. Since the AC current source is set to 1 A, the voltage Vout
becomes the impedance of the Murata 10 pF capacitor.
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Figure 2E.3 (a) Real and (b) imaginary parts of the impedance. The real
part is constant for frequency change and the imaginary part shows a series
resonant circuit with a resonance frequency of about 1.62 GHz. Thus, the
Murata 10 pF capacitor can be modeled as a series RLC circuit.

From Figure 2E.3(b), the imaginary part of the impedance shows a series
resonance. The slope near the resonant frequency becomes

ax axX 2 1
inic| JEC T e R P | [ Y
¥, = oo, am(m mC)

This means the inductance of the series resonant circuit can be obtained
using the slope of the reactance at the resonance frequency. A plot of the
imaginary part near the resonant frequency is presented in Figure 2E.4. To
compute the slope, markers are inserted in the plot. The equations to
calculate the slope at the resonance frequency using the marker values are
shown in Measurement Expression 2E.1, where m3 and m4 represent the y
values (vertical) of the markers. In addition, indep(m3) and indep(m4) are
the x (horizontal) values of the markers. Thus, the first equation in
Measurement Expression 2E.1 becomes the slope divided by 4, which

= 4xL
fa

corresponds to the inductance calculated from L=0X/0f/(4m). Using the
determined value of L and the resonant frequency, the capacitance can be
calculated from the relation C = 1/ (w,)°L.
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Figure 2E.4 The imaginary part of the impedance in Figure 2E.3(b) is
redrawn around the resonant frequency.

L=(m3-m4)/(indep(m3)-indep(m4))/(4*pi)
C=1/((2*pi*indep(m3))**2*L)
Eqn X=2*pi*freq*L-1/(2*pi*freq*C)

Measurement Expression 2E.1 Equations for the
calculation of the equivalent circuit values in the display
window

The computed values are R = 0.17 Q, L = 0.977 nH, and C = 10 pF. Thus,
the equivalent circuit of the 10 pF Murata chip capacitor is obtained.
Finally, the last equation represents the reactance X calculated from the
obtained values of L and C. The reactance X gives the verification of the
computed L and C values. If the computed L and C values are close enough
to fit the imaginary part, X will show good agreement. The comparison is
shown in Figure 2E.5, where a very good agreement can be seen. Therefore,
it can be found that the equivalent circuit produces the reactance close to
the imaginary part obtained from the simulation.
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Figure 2E.5 Comparison of the two impedances obtained from calculation
and from simulation. The imag(Vout) is the imaginary part of the
impedance of the Murata 10 pF capacitor shown in Figure 2E.3(b) and X
represents the computed impedance of the series LC circuit for frequency.
The values of LC are computed using equations in Measurement Expression
2E.1.




2.5 Summary

* Passive devices are largely classified based on their fabrication
method and are classified into lead-type and chip-type components,
and pattern-type passive components. Chip-type components are
widely used in hybrid microwave integrated circuits.

* The extraction of the equivalent circuit of a passive component from
the data can be achieved using the impedance plot. The commercial
passive component shows a combination of the impedance plot of the
ideal resistor, inductor, and capacitor.

* The impedance of a passive component can be measured using an
impedance analyzer or network analyzer. In this section, we showed
how to obtain the equivalent circuit from the measured data.
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Problems

2.1 Company A fabricates a thin-film resistor whose sheet resistivity is 50
Q2/square; in the case of a company B, an identical thin-film resistor has a
sheet resistivity of 100 €2/square. What is the difference between the
processes of the two companies? Further, given that the material’s volume
resistivity is p and its thickness is t, find its sheet resistivity.

2.2 Given that the sheet resistivity is 50 €2/square and we want to design a
100-Q resistor, if the current flowing in this resistor is 2 mA, find its
minimum width. Its rated current per width is 0.5 mA/pm.

2.3 The dielectric material of an MIM capacitor is silicon nitride and its
dielectric constant is 7.2. If the area is 50 pm?, find the thickness of a 0.53
pF capacitor. In addition, find the capacitance per unit area in (F/pm?).



2.4 In the equivalent circuit of an inductor such as that in Figure 2.9, show
that the approximate magnitude of the impedance at resonance is
2
(0,1
o] =
‘max | R

, :1/\/E

2.5 In this chapter, we have covered the method for extracting the
equivalent circuit of a capacitor from |Z(w)| characteristics obtained from an
impedance analyzer such as that shown in Figure 2.8. The impedance of the
equivalent circuit of a capacitor is

wC

Using this equation, the real and imaginary parts for a frequency
can be obtained by graphical representation. With that in mind,
show that the approximate impedance near the resonant frequency
W, 1S

z(m)zRﬂX:Rﬂ(mL—iJ

Z(0) = R+ j2L(0 — w,)

2.6 Similar to problem 2.5 above, for a parallel resonant circuit, show that
the admittance near the resonant frequency Y(w) is given by

Y(0) = G +j2C(o - o,)

2.7 (ADS Problem) In Example 2.2, the equivalent circuit of the 10 pF
capacitor from Murata is obtained using the slope of the reactance versus
the frequency and resonance frequency such that

24 = 4rL and w, = 1/4JLC

¥l

Alternatively, the equivalent circuit can be obtained using the
impedance plot in the log-log scale. Compute the equivalent
circuit values using ADS.
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3.1 Introduction

Figure 3.1 shows an example of a high-frequency circuit fabricated on a 100-
pum-thick GaAs substrate. In the circuit (a three-stage 28 GHz GaAs pHEMT
LNA), the voltages and currents in the line shown in the figure generally are
functions of position at a high frequency. The pair of voltages (V; and V,) and

currents (I; and I,) are simply considered to be equal at a low frequency, as the

line acts as a simple connection. However, the pair of voltages and currents at
these two points becomes unequal as the frequency increases. The shape of the
lines in the circuit appears too complex. As a first approximation to treat and
understand the lines’ behavior, we will therefore consider an isolated straight line
(or transmission line) filled with homogenous media along the direction of
propagation. The principles and applications of uniform transmission lines will
be presented in this chapter.

(7]
[y
b
o
N\
e

B L

Figure 3.1 An example of a high-frequency circuit. The circuit is a three-
stage 28 GHz GaAs pHEMT LNA. The V; and I; and V, and I, at different

positions are not equal, although there is no discontinuity between them.



As explained in Chapter 2, the characteristics of passive devices are
represented by their impedance. As in the case of a resistor, for example, it can
be characterized by the parameter of resistance. Similarly, in the case of
transmission lines, there are two parameters required for their characterization.
We first discuss these two parameters. Then, we will describe a qualitative
investigation of the transmission lines most widely used at high frequencies:
coaxial and microstrip. In addition, when a transmission line is terminated by a
passive device, incident and reflected signals appear in the transmission line. We
will therefore learn about the defining parameters in such a situation, namely
reflection coefficient and return loss.

The applications of transmission lines to circuits are various, and examples of
typical applications will also be explored in this chapter. These examples include
short-length transmission lines, integer multiples of quarter-wavelength
transmission lines, and two-port circuit applications of transmission lines.
Furthermore, in practice, when one end of a transmission line is open, or a
number of transmission lines are connected at a point, many undesirable
discontinuities arise and we will therefore consider their effects and how to treat
them.



3.2 Parameters

3.2.1 Phase Velocity

Figure 3.2(a) shows a uniform transmission line aligned along the positive z-
direction. Since the current and voltage are functions of position z and time ¢,
they are expressed as i(z,t), and v(z,t), respectively. The equivalent circuit of an
infinitesimal section of the transmission line of length Az from position z is
shown in Figure 3.2(b). The magnetic field arising due to the flow of current in
the conductors is represented as an inductance, while the electric field arising
between the lines is represented as a capacitance. Since the transmission line is
uniform in the propagation direction, the transmission line of length Az can be
represented by a lumped equivalent circuit using the following unit-length
inductance and capacitance respectively:

L : Inductance per unit length [H/m]

C : Capacitance per unit length [F/m]
i(z,10) i(z+Az,1)

— | — i(z2,1) L(Az) i(z+Az,t)
o— m—]—0 o— mn —o
+ 1 14 + *
| |
v(z,1) | | v(z + Az,1) v(z,1) C(ﬁz;: v(z + Az,t)
|- : )
O—] ] —0C o O
z | ]z+ﬂ's:
N |
0 z - z4+ Az
@ )

Figure 3.2 (a) Transmission line and (b) its lumped equivalent circuit for
the infinitesimal length Az. Various forms of lumped equivalent circuits for
the infinitesimal length Az are possible, but they yield the same
transmission-line equations.

Then, LAz and CAz become the corresponding inductance and capacitance for
the transmission line of infinitesimal length Az. Generally, the conductors have
losses as well as the dielectric material that fills the conductors. These losses are



also represented using the resistance R and conductance G per unit length. The
resistance R represents the conductor loss per unit length, while conductance G
represents the dielectric loss per unit length. Similarly, the resistance and
conductance for a line of length Az becomes RAz and GAz.

Here, we assume the transmission line has no loss (R = G = 0). However, the
results including loss can be similarly obtained. Applying KVL to the circuit in
Figure 3.2(b) in the direction indicated by the arrow, we obtain Equation (3.1).

9i(z,t)

T?(Z,f) =iz 5

+ E?(: + ﬂ:,t) (3.1)

Thus,
E}i(::,f)
ot

Dividing both sides of this equation by Az, we have
0(z,t) % (z,1)
R A e i S S 27

dz ot G2

Equation (3.2) implies that voltage v(z,t) decreases due to the voltage drop by
the inductor as the voltage propagates in the z-direction. Similarly, the result of
Ai = —c(m)—a”(:’f)

ot

Similarly, by dividing both sides of this equation by Az, we obtain
af(::,f) E]'U(:,f)
—t=-C—- (3.3)

dz ot

Again, Equation (3.3) implies that the current i(z,t) decreases due to the
leakage current through the capacitor as the current propagates in the z-
direction. Equations (3.2) and (3.3) are coupled partial differential equations for
the voltage and current. Differentiating Equation (3.2) with respect to z and

A= E’(: + ,f_‘s:,t) — T’(:,f) = —[Az

applying KCL at node A in Figure 3.2(b) is

using Equation (3.3), the result is
azv(:,t) e 321'1(::,f) 1 E}z'ﬂ(:,f) 8
P e &4

This is a one-dimensional wave equation having a phase velocity of v, and the

solution v(z,t) of Equation (3.4) is a voltage wave propagating in the +z and —z
directions. Similarly, for the current we obtain Equation (3.5).



d(zt) Pi(z,t) 1 %(z1)
2 LC 2 2 2
dz ot v, ot
In conclusion, both the voltage and current have a phase velocity of v, and the
equations represent a wave propagating in the +z and —z directions.

(3.5)

1
Phase velocity, v, = —— (3.6)
S 7
The general solution of Equation (3.4) is

z:(::,f) =g e {f — E]i] g {f % wi] (3.7)
P p

where C; and C, are constants and f(t) and g(t) represent arbitrary waveforms.

These f(t) and g(t) waveforms will be determined by the boundary conditions at
the point of z = 0, where the voltage source is connected. The left part of
Equation (3.7) represents a wave traveling in the +z direction and the right part
represents a wave traveling in the —z direction.

Let us first consider only the wave traveling in the + z direction. The voltage
at z = 0 is v(0,t) = C;f(t) while the wave at an arbitrary position z becomes

o(z,t) = le[t—i]

e
P

Let C; = 1. Setting C; = 1 does not lose the generality. Here, f(t) can be

considered to be an external applied voltage to the transmission line. Two
duration-limited waveforms, v(0,t) and v(z,t), are shown in Figure 3.3 with C; =

1. Since the value of f(t —t;) at t = ¢; is equal to the value of f(t) att =0, f(¢) at t =
0 appears at a delayed time t = t; in f(t — t;). If similar logic is applied to a time
other than t = 0, then f(t — t;) represents a function that f(t) is shifted by ¢; in the

forward direction along the time axis. Thus, the change at z = 0 with time is
transferred to a point z with a delay of t;. As another interpretation of this delay

t;, when the time-varying waveform at the point z = 0 is transmitted, the
waveform arrives at a distance of z with a time elapse of ¢; = z/v, because the
phase velocity is v,. Thus, the voltage at a distance z appears with a time delay
of t; = z/v,. Note that the voltage propagates without distortion and damping in
the lossless transmission line.
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Figure 3.3 Solution of the wave equation. The observer at z = 0 observes
the externally applied voltage waveform v(0,t) at z = 0, while the observer
located at z observes v(z,t). The waveform v(z,t) is delayed in time by ¢; =

z/vp.

Example 3.1

The voltages §(t), cos(wt), and e®! are applied to a transmission line at z
= 0, respectively, that extends from position z = 0 to infinity. Determine the
waveform at a distance z.

Solutions
(1) When v(0,t) = §(t), at a distance z, the voltage is

o(z,1) :ﬁ[f—fp]

As shown in Figure 3E.1, this represents v(0,t) shifted by t; = z/v, when
observed from the time axis.
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Figure 3E.1 Waveform propagation in a transmission line. The pulse is

time delayed, while the phase delay is observed in the case of a sinusoidal
voltage input.

(2) When v(0,t) = cos(wt), the waveform at a distance z is

v(z,t) = cos{m[f - Uip]} = cos[mt - mvip] = cos(wt - Bz)

Comparing the voltage cos(wt) at a distance z = 0, cos(wt—3z) has a phase
delay of Bz. Note that the phase delay per unit length is 3, and f is called the
propagation constant.

(3) When v(0,t) = &%, the waveform at the distance z is



V(Z, t) = ej(wt_BZ) = ejwt e_jBZ

The complex waveform €' in Example 3.1 is often used to determine
sinusoidal response. When the wave v(z,t) is expressed using a phasor V(z), it
becomes V(z) = e

because the rest of the complex waveform without the ¢! is defined as the
phasor. V(z) represents the phase delay at a distance z. When the time-domain
waveform is required from the phasor, the waveform can be found by
multiplying the phasor by ¢/t and taking the real part of the result as v(z,t) =

Re(V(2)e/®!) = cos(wt — Bz) 3.2.2 Wavelength

As we have seen previously, the time delay in a transmission line depends on
both phase velocity and the length of the transmission line. The time delay ¢,

through the transmission line is expressed as
!
ty = — (3.8)

il
p

Note that given two physically different transmission lines of different
lengths, they may give the same time delay but have different physical
parameters. Thus, in practice, when indicating the length of a transmission line,
it can be specified by the time delay t; given in Equation (3.8). Alternatively,
when both the length and phase velocity are simultaneously specified, the effect
of the length of the transmission line (in terms of time delay) can be determined.

As another expression for the length effect of a transmission line, wavelength
is used. When a sinusoidal source is applied at the input (for example, a voltage
of cos(wt) applied at the point z = 0), the spatial waveform at a fixed time ¢; is

shown in Equation (3.9).
z!(::,f) = cos(mf1 — ,3::) = cos(ﬁ: + qb) (3.9)
Its graph is shown in Figure 3.4.
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Figure 3.4 Definition of wavelength

A spatial sinusoidal waveform appears along the transmission line. The period
of the sine wave occurring in space is called wavelength A, and is defined as the
distance between two successive troughs or the distance between two successive
crests of the waveform. This is expressed mathematically in Equation (3.10)

on
9.2, 28 o (3.10)

B @

and the relationship v, = fA results. In addition, the wavelength can be seen to

vary with frequency. Therefore, another way to express the length of the
transmission line is to represent it by the frequency and corresponding number of
wavelengths.

Another way to express the length of the transmission line at a given
frequency is electrical length 6. The electrical length is expressed as the phase

delay of a transmission line at a given frequency. Thus,
wl

B8 =pl=— (&.11)
e
p
Usually expressed in degrees, one wavelength corresponds to 360° from
Equation (3.11), half a wavelength is 180°, and a quarter wavelength becomes
90°. In summary, to represent the length of a transmission line, three conventions



are used that are expressed in terms of the following parameters: (length, phase
velocity), (wavelength, frequency), and (electrical length, frequency). Figure 3.5
shows the methods for expressing the length of the transmission line.

0— 0 0+ 0 0 -0
Ly, l=mh,,f=f, 0=0, f=f,
0— o 0 0 0 0
Length, Phase Velocity Wavelength, Frequency Electrical Length, Frequency

@ (o) )

Figure 3.5 Methods for expressing the length of a transmission line. In (a),
the time delay of the transmission line is specified with length and phase
velocity. In (b), the length is specified based on the wavelength and the
frequency. In (c), the length is specified using the phase delay, which is
equal to the electrical length of the transmission line at a given frequency.

Example 3.2

For a particular transmission line, the phase velocity is equal to the speed
of light. What is the wavelength at a frequency of 1 GHz? In that
transmission line, if the time delay due to the length of the transmission line
is 1 nsec, determine the corresponding length of the transmission line using
the wavelength at a frequency of 1 GHz.

Solutions

From Equation (3.10),

&
i n I o] si03 =30 e

C
A =—=
T T

and

b, = LW =l=c, =3%x10°-1x107° =03 m
v C
P
In addition, because A, = 0.3 m at a frequency of 1 GHz, it can be seen
from the result above that




Example 3.3

Figure 3E.2 shows an ideal transmission line in the ADS schematic

window. The E in the figure represents the electrical length explained
earlier.

TLIN

TL1

Z=50.0 Ohm
E=90

F=1 GHz

Figure 3E.2 An ideal transmission line component in ADS

(1) If the wavelength at 1 GHz is denoted as A,, what is the length of
the transmission line?

(2) What is the electrical length E at a frequency of 3 GHz?
Solutions
(1) Since
2nl =&
0=P=7"=3
then the length is found to be I = 0.25 A,,.

(2) The electrical length is

B
(s
P

Now, keeping the phase velocity and length fixed, the electrical length is
proportional to the frequency. Thus, at 3 GHz, E = 270°.




3.2.3 Characteristic Impedance

As discussed earlier, both the current and voltage waves travel with the same
phase velocity and there are three different ways to specify the time delay that is
due to the length of the transmission line. It should be noted that the traveling
current and voltage waveforms are not independent. They have the same
waveforms and can be related by a constant of proportionality. The constant is
defined as the characteristic impedance of the transmission line or simply
impedance for short. In order to examine this relationship, we assume that there
exist only the current and voltage waves traveling in the positive z direction, and
there are no waves in the opposite direction. Then, the waveforms can be written

-

z!(::,f) =v |t —-— (3.12a)
o
as r
i(z,8) = it| - = (3.12b)
el
p
Now, substituting Equations (3.12a) and (3.12b) into Equation (3.2),
dolzt) 1ot __ di*
dz v, du du
where u = t - z/vp. Thus, we obtain
;—M(T?+(11) — fJPLiJr(u)) =1 (3.13)

For Equation (3.13) to be 0, then the variables in the parentheses should have
no dependence on u. Again, if the equation has to be 0, both v*(u) and i"(u) must
have the same waveform, which means v,L is then a constant of proportionality.

The same result will be obtained using Equation (3.3). Therefore, the current and
voltage waves traveling on the transmission line have the same waveforms and
are related to each other by the constant of proportionality that has the same
dimension as resistance and is called the characteristic impedance of the
transmission line, as shown in Equation (3.14).

1 L

Z = [ L = —— = —
: . 0 C C (3.14)
The same result can be obtained by considering the wave traveling in the —z
direction. However, a negative constant of proportionality appears between the
voltage and the current waves. The voltage has a plus sign regardless of the



direction of propagation, which is measured with respect to a ground line. But, in
the case of the current, it becomes negative when the direction is changed. As a
result, the voltages and current waves in a transmission line are respectively
expressed as Equations (3.15) and (3.16).

E?(Z,f) = [f — t}i] + v [f + Fi] (3.15)

p y

: W z _ z
1(....,1') = Z{E [f — E] — T [f + g]] (316)

To summarize the previous results, a transmission line is characterized by two
parameters: the characteristic impedance defines the relationship between the
current and voltage waves in a transmission line, and the time delay is specified
by the parameters of length and phase velocity. These transmission line
characterizations are shown in Figure 3.6.

o— 0 0 =0 0 =0

2k, 7, I=m\,f=f, Z,0=0,f=f,

o o2

@ (o) )
Figure 3.6 Ways of specifying the transmission-line parameters by (a) Z,, [,
Vps (D) Z, and the multiple of wavelength; and (c) Z, and the electrical
length. The specifications of (b) and (c) require frequency.

3.2.4 Measurements

The characteristic impedance and phase velocity of a lossless transmission
line, expressed in terms of capacitance per unit length and inductance per unit
length, are given by Equations (3.17) and (3.18).

L
F o= g 3.17
Z,= o (3.17)

1
AL N (3.18)
|

Thus, once the capacitance per unit length and the inductance per unit length



have been determined or obtained by measurement, the transmission line
parameters, such as characteristic impedance and phase velocity, can be
obtained. Structurally, there are various types of transmission lines that include
microstrip, strip line, coaxial, CPW, and waveguide. The parameters Z, and v, of
these transmission lines are often required in circuit design. In order to obtain the
unit length capacitance C, one end of the short-length transmission line (I<<A) is
opened, as shown in Figure 3.7. When the impedance of an open-end
transmission line is measured at the other end of the line, the current through the
inductor is close to 0, and the voltage drop due to the inductor can be ignored.
The impedance Zppy will be due to the sum of the distributed capacitance per
unit length, as shown in Equation (3.19).

1
OPEN }ﬂ}IC

> g

Z

(3.19)

v X

0 T p

ZOFEN? ZSHORT

Figure 3.7 Measurement of the parameters of a transmission line. Using the
impedances Zypgy and Zgogy, the transmission-line parameters, such as

the characteristic impedance and electrical length, can be computed.

The transmission line is then shorted and the impedance Zgyopr is measured.

Considering that the length of the transmission line is short, the voltage across
the capacitance of the line is small and the leakage current due to the capacitor is
close to 0. The impedance then becomes
Luri— sk [3:20)

Combining Equations (3.19) and (3.20), the Equations (3.21) and (3.22) are
obtained.



: L :
Z, = Jg - \/ZGPEN g — (3-21)
1

v

OPEN

7

1
P_E_a

The measurement is assumed to be conducted at a low frequency, but even at a
higher frequency Equation (3.21) can be used to obtain the characteristic
impedance. However, Equation (3.22) is similar in principle for a higher
frequency, but the result becomes a little different. The exact equation can be
obtained by using the results explained in section 3.4.2. Equation (3.22) is
applicgple if the frequency is low enough. Here, a low-enough frequency implies

g Tp (3.23)

Hence, Equations (3.21) and (3.22) are applicable up to the frequency usually
equal to 1/10 of the right-hand side of Equation (3.23).

Fi)

(3.22)

SHORT




3.3 Coaxial and Microstrip Lines

Structurally, there are various types of transmission lines, among which
special considerations are given to coaxial and microstrip lines. The coaxial line
can be manufactured to be a nearly ideal transmission line with broadband
characteristics. Due to these advantages, the coaxial line has been adopted in the
past for the high-frequency measurement of devices and it is still widely used.
On the other hand, the microstrip line has a planar structure that facilitates the
construction of smaller microwave-integrated circuits. Here, we present a brief
explanation of the two lines—coaxial and microstrip.

3.3.1 Coaxial Line

Figure 3.8 shows the structure of a coaxial line and its electric and magnetic
field lines in cross-section. The characteristic impedance Z, and phase velocity

v, of the coaxial line with inner and outer radii of a and b become Equations
(3.24) and (3.25).

Z, =

= |l

60
J—;ln (3.24)

v, = = (3.25)

Figure 3.8 Structure of a coaxial line and the field patterns of the cross-
section (solid lines represent the electric field, and dotted lines represent the



magnetic field).

Thus, in constructing a coaxial line, the desired characteristics of impedance
can be obtained by appropriately adjusting the inner radius a and the outer radius
b.

The real coaxial line is constructed in the form of a cable and a connector. As
shown in Figure 3.9, the cable has the form of the coaxial line shown in Figure
3.8 and the connector appears at the end of the cable for convenient connection
to other devices.

Cable

Connector

Figure 3.9 Photograph of various coaxial lines and connectors

Depending on the outer conductor material of the cable, coaxial cables are
classified as flexible, semirigid, and handy-reformable. Flexible cable refers to a
cable that bends easily, and the outer conductor usually consists of braids for
flexibility. Semirigid cables are jacketed with copper to provide a certain degree
of flexibility, but the semirigid cable is not easily deformed. This type of cable is
often used for connecting microwave components in equipment. Handy-
reformable cable is also metal jacketed, but the outer conductor is bellow
jacketed for easier bending. The extent of reformability is between that of



flexible and semirigid cables.

These coaxial lines usually support the electromagnetic wave characterized by
the transverse electromagnetic (TEM) mode. However, higher modes can
propagate within the coaxial line as the frequency becomes higher. To prevent
higher modes, the coaxial line must have a smaller outer diameter. For a 7 mm
outer-diameter air-coaxial line, TEM mode can be propagated alone without
higher modes up to 18 GHz; for 3.5 mm up to 26.5 GHz; for 2.9 mm up to 40
GHz; for 2.4 mm up to 50 GHz; and for 1 mm up to 110 GHz. Thus, as the outer
diameter decreases, the coaxial line can be used in higher frequencies, but there
is a disadvantage that is due to the difficulty in manufacturing coaxial lines with
such small diameters. Similar to cables, the connectors that facilitate connection
at the end of the cables are also classified according to the size of their outer
diameter. Precision air-line connectors used for measurement are available for 7
mm and 3.5 mm diameters (for use up to 18 GHz and 26.5 GHz, respectively);
2.9 mm (called K-connector, for use up to 40 GHz); 2.4 mm (for use up to 50
GHz); and 1 mm (for use up to 110 GHz). In addition, at microwave frequencies,
one of the most widely used connectors is the small miniature assembly (SMA)
connector. The inside dielectric material is usually Teflon and it can be mated
with a 3.5 mm coaxial connector. Also, the K or 2.9 mm connector can be mated
with a 3.5 mm coaxial connector.

In general, different connector types are incompatible. In order to solve this
problem of incompatibility, coaxial adaptors (as shown in Figure 3.10) are used
to connect two incompatible connectors. Their frequency range of operation is
thus limited by the connector used at the lower frequency. In addition to these
coaxial connectors, there are other kinds of connectors classified as BNC, TNC,
N-type, etc. The reader may refer to the numerous materials available on the
subject for these connectors’ frequency range of operation.




Figure 3.10 Photograph of various adaptors!

1. Agilent, Agilent 83059 Precision 3.5mm Coaxial Adapters, 5952-2836E, available at
http://www.agilent.com/ 2006.

Example 3.4

A coaxial cable has an inner-radius a inch and an outer-radius b inch, as
shown in Figure 3E.3. By using ADS, determine the characteristic
impedance of the coaxial cable in terms of the ratio a/b.

Figure 3E.3 Cross-section of a coaxial cable

Solutions

Figure 3E.4 is a simulation schematic for the determination of the
characteristic impedance using ADS. The radius of b is fixed at 0.116 inch
and that of a is varied to change the value of the characteristic impedance.


http://www.agilent.com/

COAX

TL1
Di=(2'a)in = ] .
Do=(2"b) in a=b*ratio i
L=lin h=0.116 AC
Er=2.2 ratio=1 ACT
7 OPEN =10 Freq=1.0 GHz
CD ISaEE;olarU 0)A = = Ri e el
, R=1 MOhM Z_0=sqrt(Z_OPEN*Z_SHORT)
COAX PARAMETER SWEEP
TL2
Di=(2*a)ip ParamSweep
DOf(Z*b) in Sweep1
L=lin SweepVar="ratio"
Er=2.2 SimInstanceName[1]="AC1"
7 SHORT SimInstanceName[2)=
= ()_} SimInstanceName[3)=
SimInstanceName[4)=
SRE) SimInstanceName[5)=
pm— g _T[__ SimInstanceName[6]=
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Stop=1
= Step=0.001

Figure 3E.4 Circuit setup for calculating characteristic impedance. The
length and permittivity of the coaxial line are fixed at 1 inch and 2.2 inches,
respectively. The outer radius is fixed at 0.116 inch, while the inner radius a

is varied by equation a = b*ratio. To avoid numerical discontinuity, the
open end is implemented using a resistor of 1 MQ. The voltages Z_OPEN

and Z_SHORT correspond to the impedances because the current source
has 1 A. The characteristic impedance given by Equation (3.21) is
implemented in Meas]1 in Figure 3E.4. Thus, the output Z_O appears at the
output dataset.



The radius a is varied to make the ratio a/b vary between 0.001-1. Now,
since the computed Z_OPEN and Z_SHORT in Figure 3E.4 correspond to
the Zoppy and Zggogr of Equation (3.21), the graph of the characteristic
impedance with respect to a/b can be obtained. This can be done by
entering Equation (3.21) in the ADS display window. Alternatively, by

inserting the MeasEqn utility shown in Figure 3E.5, the characteristic
impedance can be directly obtained.

(o]
=
=

]
L]
=
n
Il

-
Ln

Measurement Expression
3E.1

Simulation

z
mag(Z O)
IIII?[[II%IIII?III[

=

0.0 0.2 0.4 0.6 0.8 1.0
ratio
Figure 3E.5 Theoretical and simulated characteristic impedances of a
coaxial cable with respect to b/a. The impedance z is the impedance
computed using Measurement Expression 3E.1, while the impedance Z_O
is computed using the short-open method.

Theoretically, the characteristic impedance of a coaxial cable can be
obtained from the equation given by

Z. =60 ﬂln(ﬁ)
E a

r

Thus, for the purpose of the comparison, the equation for the theoretical
characteristic impedance is entered in the display window as shown in
Measurement Expression 3E.1.




z=60%*sqrt(1/2.2)In(1/ratio)

Measurement Expression 3E.1 Theoretical impedance of
a coaxial cable

Figure 3E.5 shows the plot of these two characteristic impedances, which
are found to show good agreement.

3.3.2 Microstrip Line

Planar transmission lines can be microstrip lines, strip lines, and CPWs.
Among the planar transmission lines mentioned, the most widely used type for
microwave-integrated circuit designs is the microstrip line. Figure 3.11 shows
the cross-sectional geometry and electromagnetic field patterns of a microstrip

line.
w

Figure 3.11 Cross-section and field pattern of a microstrip line (solid lines
represent the electric field and dotted lines represent the magnetic field;
fundamental propagation mode is quasi-TEM).

The fundamental propagation mode in a microstrip line, unlike a coaxial line,



is not a TEM mode, but because its propagation mode is close to a TEM mode, it
is called a quasi-TEM mode. The characteristic impedance and phase velocity of
a microstrip line depend on its filling dielectric and cross-sectional geometry.
Here, we shall qualitatively look at how the characteristic impedance and phase
velocity of a microstrip line depend on the dielectric constant and the cross-
sectional geometry. The exact values for a given dielectric constant and cross-
sectional geometry can be calculated using software like ADS. The phase
velocity and the characteristic impedance can be similarly represented using the
capacitance per unit length and the inductance per unit length, as explained in

section 3.2.1. Thus, ’ E’pc C

Rather than Z, and v, in the equations above, the more physically meaningful
Z, and v, can be obtained by comparing the microstrip line with an air-filled
microstrip line. When the dielectric material is replaced by air, the microstrip’s

line structure is homogeneous and the capacitance per unit length C% can be
obtained analytically. In the case of the air-filled microstrip line, the phase

(3.26)

& =
velocity is L&

Here, c is the speed of light. Note that the inductance per unit length L
obtained from Equation (3.26) is the same as that of the dielectric-filled
microstrip in Figure 3.11. Using C% Z,, and v, can be expressed as shown in
Equations (3.27) and (3.28).

1 By c
UV = — = .]|— =
r = e Tes e (3.27)
1 1

Z, = = 3.28
v,C  JCC B2

In Equation (3.27), the dielectric constant &, is defined as the ratio of C to C*
and is given by Equation (3.29).
B #C‘* (3.29)

The dielectric constant €, can be interpreted as the dielectric constant of an



equivalent dielectric material that homogeneously fills the microstrip line in
Figure 3.11. Note that the geometry of the equivalent microstrip is the same as
the microstrip in Figure 3.11 and the only difference is in dielectric filling. The
microstrip line homogeneously filled with an equivalent dielectric material can
give the same phase velocity as the inhomogenously filled microstrip in Figure
3.11. The equivalent dielectric constant for the homogeneously filled microstrip
is called an effective permittivity or an effective dielectric constant.

The effective permittivity is a function of a dielectric constant €, and the

geometrical parameters such as strip width W and dielectric thickness h shown in
Figure 3.11. The field pattern will be evenly distributed between the air and the
dielectric material when the width W is extremely narrow; when the width is
very large, the electromagnetic field becomes mainly concentrated in the
dielectric material, so the effective permittivity is given by Equation (3.30).

e +1
. wr =5
£y = 2 (3.30)

Er w — o0

C
o S—

p Ee -
For g5, the phase velocity is Eefr

Thus, the phase velocity increases as the width of the microstrip line becomes
narrower, and as the width widens, the phase velocity decreases. For Z,, as the

width narrows, the sectional capacitance becomes smaller and consequently Z,

becomes higher. In contrast, as the width widens, the capacitance becomes
larger, which leads to lower Z,,.

Next, we will look at the capacitance per unit length of the microstrip line that
is equal to the cross-sectional capacitance. It can be found that the capacitance
consists of two components: the capacitance formed beneath the width of the
transmission line, called plate capacitance, C,, and the capacitance formed at the

edge of the transmission line called fringing capacitance, C; Thus, the

capacitance of a microstrip line can be expressed using Equation (3.31)
= CP + 2Cf (3.31)

and the plate capacitance can be expressed using Equation (3.32).
H.F
Cp = £,€, ? (332)



Here, €, represents the dielectric constant of free space.

Example 3.5

A microstrip is implemented on a 25-mil-thick alumina substrate with a
dielectric constant of 9.8. Find the effective dielectric constant &,¢ and the
characteristic impedance Z, of the microstrip line using the open-and short-
circuit method previously discussed.

Solutions

Figure 3E.6 shows the microstrip line’s structure with a width w,
dielectric constant €,, and thickness h.

W
o >

o

Figure 3E.6 Sectional view of a microstrip

Figure 3E.7 is an ADS schematic setup for determining the characteristic
impedance and the effective permittivity of two microstrip lines. H and er
in MSUB are set to 25 mil and 9.8, which correspond to h and ¢,,
respectively. The variable w in MLIN, which corresponds to w, is set to
vary. Here, w is varied from 0.001 to 100 mil. The impedances of the short-
circuited TL1 and open-circuited TL2 are used to compute Z, of the

microstrip line from the equation Z, = (Zopgn Zsporr) - Here, a 1-MQ
resistor is used for achieving an open condition. The effective permittivity
is computed by comparing the impedances of TL2 with €. = 9.8 and of TL3
with €. = 1 (air) as

. _C _ Z OPEN air

& C Z_OPEN

[}
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3
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O
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L=l mil

R1
R=1MOhm

I—An—
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Er=1
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SimlnstanceName([5]=
SimlnstanceNamel[6]=
Start=0.001

Stop=100

Step=1

‘| Meast
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Figure 3E.7 Circuit setup for ADS simulation. The lengths of all microstrip
lines are fixed at 50 mil and the widths are varied by the parameter sweep
controller from 0.001 to 100 mil. The two microstrip lines in the figure
share the common substrate Msub1, whereas the bottom microstrip line has
the substrate Msub2; the only difference between them is in the permittivity
set to 1.Thus, the characteristic impedance of the microstrip can be
computed by Z_SHORT and Z_OPEN, while the effective permittivity can
be computed using Z_OPEN and Z_OPEN_air. The equations necessary
for the characteristic impedance and effective permittivity are in Meas1 in
the figure.

Figure 3E.8 shows the values of Z_, with respect to w. As the width
increases, Z, decreases as expected.
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Figure 3E.8 Characteristic impedance of a microstrip line with respect to
width (h = 25mil, €, = 9.8)
The effective permittivity &,¢ can be approximately expressed as
&l gl i
=72 T2 [lsnnw

In order to compare the computed €, from the ADS with the g, in the

equation above, the following equations are entered in the display window:
Eqn PR
he2s

e_eff=(er+1)/2 + (er-1)/2/sqrt(1+12*h/w)

Measurement Expression 3E.2 Calculation of the
effective permittivity of a microstrip line

Now, the accuracy in terms of the agreement can be found by comparing
the computed &, from ADS with that given by the approximate equation.



Figure 3F.9 displays the comparison of the two results. The computed &

from ADS shows good agreement with the approximate equation of the

effective permittivity.
Permittivity(s,)

8

IIII’
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=
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Figure 3E.9 Simulated effective permittivity of a microstrip line with

respect to width. The effective permittivity given by the empirical formula

in Measurement Expression 3E.2 is also plotted for comparison.




3.4 Sinusoidal Responses

3.4.1 Phasor Analysis

The response to a sinusoidal source v (t) = V,cos(wt + ¢) frequently appears
in electrical-circuit analysis. Instead of computing the response directly to the
sinusoidal source, a complex waveform source of Ve/®! is preferred due to its
mathematical convenience. Here, the complex number V = V, e/ which
represents the phase and amplitude of the sinusoidal source, is called a phasor.
Conversely, for a given phasor, the corresponding time-domain waveform can be
obtained by multiplying the phasor by ¢/ and taking the real part of the result.
That is, v, (f) = Re(Ve/®") = Re(V,@/®t *19) =V cos(wt + @)

Example 3.6

(1) What is the phasor that corresponds to the sinusoidal waveform v(¢)
= 2cos(wt + 30°)?
(2) A phasor for the free-space Green’s function is given by e7X/4nr.
What is the corresponding waveform in the time domain?

Solutions
(1) The phasor is V = 2 £30° and the corresponding time domain wave
is

vy() = Re(Ve/?!) = Re(2¢/30° &®!) = 2 cos(wt + 30°)
- jlr
U(f) = Re[e—ﬁf“] = ﬁco&(mf - k‘r)

r

)

From the solutions to the wave equations given by Equations (3.15) and
(3.16), the voltage and current at an arbitrary position z on a transmission line for
a sinusoidal input can be expressed as the sum of two traveling waves given by

v(::,t) = V; cos(mt — Bz + ¢'+) =V cos(mf + Bz + :,‘b')

i(;,t) - ZL{V’: cos(ﬂ}f — Bz + ¢,+) — e cos(mf + Bz+ ¢ )}

o

The corresponding complex waveform can be written as Equations (3.33a)



and (3.33b).
(me—ﬁz+¢+}| 5 V”:E j{mt+ﬁz+¢,-]

' ' j (3.33a)
- EJM(V+E—,EI32 ” V—E;ﬁz)

if(:, f) 1 (V"-:Ej{&ﬁ—ﬁz+¢+}| . V_Ej(mt+ﬁz+¢‘])

v, (::, f) = V;:Ej

B ? m
o (3.33b)
= leﬁﬂ (V+E—jﬂz _ V_E+’E'Hz)
Zﬂ
Here,
== V’:EW (3.34a)
V=l (3.34b)

Therefore, the sinusoidal voltage waveforms above, propagating in the +z and
-z directions, can be expressed using complex phasors. The voltage phasor V" e~
Bz yepresents a sinusoidal voltage waveform traveling in the z—direction, while
the voltage phasor V-~ e/ represents a sinusoidal voltage waveform traveling in
the —z direction. At z = 0, the voltage and current in Equations (3.33a) and
(3.33b) become Equations (3.35a) and (3.35b).

0,(0,t) = e (V* +V-) (3.35a)
3 _ L ey _y-
L(0.) =z~ (v* -7 (335b)

This means that voltage phasor V" in Equation (3.34a) is the phasor for the
sinusoidal voltage waveform at z = 0, which travels in the z—direction. On the
other hand, V- in Equation (3.34b) is the phasor at z = 0 for the traveling
waveform in the —z direction. Thus, the voltage phasor at z in Equations (3.34a)
and (3.34b) can be physically interpreted using the two traveling waves. The
phasor at z = 0 given by V" travels in the +z direction to position z and the
voltage phasor at z has a phase delay of e7#? compared with that at z = 0. As a
result, the voltage phasor at z is given by V* e7%2. In contrast, in the case of the
voltage wave traveling in the —z direction, the voltage phasor at z is given by V-
ez As the voltage wave is transmitted at position z and arrives at z = 0, the
phase at z = 0 is delayed by an amount of e 7% Thus, it results in the phasor V-
ePz e9P2 = V- at z = 0. This is shown in Figure 3.12. Therefore, the phase of the
voltage wave traveling in the right direction is delayed while the phase of the



voltage wave at position z shows phase advance for the voltage traveling in the
left direction. Furthermore, in the case of the current wave, it is worth noting that
the current wave traveling in the +z direction is denoted as + while that traveling
in the —z direction is denoted as —, but the phase relation is the same as that of
the voltage wave.

V'one Aps e
Vo o+ g | g
S I

Z

0 fz

Figure 3.12 Phasor expressions of voltage waves in a transmission line.

Note that the phase delay of e7#* occurs along the propagation direction
irrespective of the wave-propagation direction.

It is worth noting that both waves have phase delay in their direction of
propagation. The interpretation of the phasor above is frequently used in the
analysis of reflections in transmission lines as well as impedance analysis based
on reflection. Therefore, a thorough understanding of the phasor is necessary.

3.4.2 Reflection and Return Loss

When a transmission line is terminated by a load, the incident wave is
reflected by the load. In contrast to the case of an infinite-length transmission
line, current and voltage waves traveling in both directions appear in the
transmission line terminated by the load. The wave traveling toward the load is
called the incident wave, while the wave traveling in the opposite direction to the
incident wave is called the reflected wave. In this section, we will learn about



reflection and the related return loss on a transmission line.

Figure 3.13 shows a transmission line whose length is z, terminated by a load
Z;. With the coordinate shown in Figure 3.13, the voltage incident at z = 0
toward the load is denoted as phasor V+ and the reflected wave from the load is
denoted as phasor V~. With these phasor notations, the incident and reflected
voltages at z can be expressed as shown in Figure 3.13.

 V Ve
AV 7 > Vel

o

0 A Zm
Figure 3.13 A transmission line terminated by a load. V" and V" are defined

as the incident and reflected voltage waves at z = 0. The incident and
reflected voltages at z are accordingly represented as shown in the figure.

The reflection coefficient I'; is defined in Equation (3.36).
e V_
L Vv
Thus, it can be seen that the reflection coefficient is a complex number. The
voltage drop V; by the load is given by V; = Z;I;. At the same time, V; is the
voltage of the transmission line at 0. Thus, V; becomes

r (3.36)

V, =V +V- (3.37)
and similarly Iy becomes
L =<1 (3.38)

Substituting Equations (3.37) and (3.38) into V; = Z;I;, Equation (3.39) is



71 =z (r-r)=z YY" ov cveeve
ZLIL—ZL(I—I)—ZLZ——Z——L— - (3.39)

Solving for V-/V™, the reflection coefficient then becomes Equation (3.40).

I o

BT T A

From the reflection coefficient given by Equation (3.40), it can be found that
the magnitude of I'; is less than 1, for example, | I'; |[<1 for a passive load Z; that

(3.40)

has the positive real part. In addition, the reflection coefficient can be defined at
an arbitrary position on the transmission line. The reflection coefficient at z,
shown in Equation (3.41), becomes
I(z) = V() _ v

55 V+ (:) V+E+’Eﬂz
It can be seen in Equation (3.42) that the reflection coefficient has the same

magnitude as that at the load plane. That is,
r(z) = || (3.42)

=t (3.41)

but the phase is delayed by an amount of 2z. Since the magnitude of the
reflection coefficient is independent of position, it can be determined by means
of scalar measurement without resorting to vector measurement. The scalar
measurement is measuring only the magnitude of a complex quantity, while the
vector measurement is the measurement of both the magnitude and phase of the
complex quantity. When the reflection coefficient is expressed in decibels, it is
called the return loss and is defined as shown in Equation (3.43).

RL(Return Loss) = 20log|T",| (3.43)

From Equation (3.40), when the load impedance is equal to Z,, Z; = Z,, I}
=0

and there is no reflection; on the other hand, when the load is short-circuited,
ZL = 0, FL =-1

which leads to the total reflection. Finally, when the load is open-circuited, it
can beseenthat Z; =00, I} =1

By using the reflection coefficient obtained at position z, the input impedance
Z;, looking into the load from the transmission line can be determined. That is,

since the voltage and current at position z are as shown in Equations (3.44) and



@55), V(2) = V' (2) + V- (2) = Ve + Vel (3.44)
I(z) = I" () + " (z) = ["e?* - Ie™ (3.45)

then input impedance is computed as
. V(z) V*'(z)+V(z) 5 1+T(z)

"~z Vi) v T1-r()

(3.46)

From Equation (3.46), when the load is short-circuited (Z; = 0), the input

impedance Z, = JZ, ta“(ﬁ:) (3.47)

is obtained in Equation (3.47). When the load is open-circuited (Z; = o), the
input impedance is shown in Equation (3.48).

Z
L = — == 3.48
jtan (,B::) (5:25)
Also, when the load impedance is equal to the characteristic impedance, that
is, Z; = Z,, Z;, is independent of the position, and Z;, = Z,. Furthermore, when
the transmission line is a quarter wavelength long, tan(f3z) approaches infinity
and the input impedance is given by Equation (3.49).

ZZ

: S o)

‘=7

This implies the inversion of the load impedance. Thus, a quarter-wavelength
transmission line is often called an impedance inverter. Finally, when the

transmission line is a half wavelength long, tan(8z) = 0 and the input impedance
is found to be equal to the load impedance, as shown in Equation (3.50).

7 =Z (3.50)

m

(3.49)

L

3.4.3 Voltage Standing Wave Ratio (VSWR)

The previously described reflection coefficient can be measured using a
slotted line. The slotted line is a coaxial air line that has a slot on the outer
conductor along the propagation direction. When a probe is inserted in the slot,
the DC voltage proportional to the internal electric field of the transmission line



at the point where the probe is inserted appears at the probe output. Thus, the
voltage of the transmission line at the arbitrary position can be measured.
Moving the probe along the propagation direction, it is possible to observe the
change of the voltage with respect to position. The voltage along the propagation
direction shows a standing-wave pattern due to reflection, which will be
explained later in this section. Using the standing-wave pattern, the reflection
coefficient of the unknown load can be determined and it is also possible to
determine its impedance. The term voltage standing wave ratio (VSWR)
originates from the slotted-line method. Recently, as network analyzers have
become popular, the slotted-line method is not used as often as in the past.
However, because it has been used extensively to determine the reflection
coefficient for an unknown load impedance, the term VSWR is still widely used
for specifying the reflection phenomenon together with the return loss or
reflection coefficient.

When the load Z; is connected to the end of the transmission line, as shown in

Figure 3.14, the voltage at the location z is expressed as shown in Equation
V(:) = (:) e (:)

= V't 4 Ve (3.51)

(3.51) = V+f!ﬁ2{1 4 rLf-”ﬂZ}



Figure 3.14 Standing-wave pattern. When reflection occurs, the voltage
amplitude varies along z.

and the waveform in the time domain becomes
T’(Z,f) = RE(V(:)EHM)
— ‘V(:) Cos(mf + ZV(:))
In order to examine the meaning of Equation (3.52), we substitute I'; = —1 into
Equation (3.51) and rewrite it to obtain Equation (3.53).
V(z) = 2jV* sin(Bz) (3.53)

Thus, the time-domain waveform of the transmission line voltage is
E?(:,f) = RE(V(:)EHM)

(3.52)

(3.54)

=2¥*

sin (ﬁ:)cos(mﬁ + 90"')

The time-domain waveform in Equation (3.54) is a simple harmonic
oscillation with time, and its amplitude is given by 2|V"|sin(fz). The waveform



does not propagate but oscillates up and down with time. Also, the peak and null
positions remain fixed and do not move. Thus, the waveform is called a standing
wave. In contrast, for a traveling wave given by cos(wt—fz) in Example 3.1, the
peak value moves in time with phase velocity.

Moving the probe along the propagating axis, the value measured by the probe
is proportional to |V(z)|, which is depicted in Figure 3.14. If T'; is denoted in

e @ g
Equation (3.55) & = [T:|e” = pé’ (3.55)
then

V(=) = [V*|[1 + pe®-2#2 (3.56)

Here, the 1 + pe/(® - 22 represents a circle with the center of (1, 0) and a radius
p, as shown in Figure 3.15, as z varies. Therefore, when the probe is moved
along the distance z of the transmission line, the minimum value of the
amplitude is 1 — p and the maximum value is 1 + p, as shown in Figure 3.15.

Im
A

0 A 28z IN

Figure 3.15 Trajectory of 1 + p e/® ~2P) in the complex plane. The locus is
the circle: the center is at (1, 0) and the radius is p.

The ratio of this maximum value to the minimum value is referred to as the



voltage standing wave ratio (VSWR) and is defined as shown in Equation (3.57).

VSWR=1+—’0 (3.57)

- P
As 0 < p < 1 in this equation, the minimum value of the VSWR is 1 and, in
most cases, it is greater than 1. When the VSWR = 1, it indicates that p = 0. This
means the load impedance is equal to the characteristic impedance Z; = Z, from

the equation of the reflection coefficient. From VSWR measurements, the
magnitude of the reflection coefficient p can be obtained. However, even though
not discussed here, p and the phase of the reflection coefficient 8 can be
determined using the first minimum position of |V(z)| from the load.

Example 3.7

Determine the magnitude of the reflection coefficient and the return loss
for a load with VSWR = 2.

Solutions
VSWR = 1P _ 5
l=p
) |_VSWR—1_1
VSWR+1 3

The return loss is

RL = 20log(|T]) = 2{1105% =-9.5dB

3.4.4 Smith Chart and Polar Chart

The reflection coefficient defined previously is a complex number whose
magnitude lies between 0 and 1. That is, 0 < |I';| < 1 and it can be plotted on a

complex plane. Since the reflection coefficient can be expressed as shown in
- ie
Equation (3.58), L= |1"L]e (3.58)
it can be plotted on a polar chart in terms of its magnitude and angle, as shown
in Figure 3.16(a). However, when the reflection coefficient is plotted on the
polar chart, the corresponding load impedance cannot be found from the chart. In

this case, the load impedance has to be determined again from the reflection
coefficient using Equation (3.59).



— L
Z,=Z,7- r (3.59)
g0 p=1.
/
‘0.
)
1 800 00
-90° x=-10
@ (b)
Figure 3.16 Charts for reflection coefficients: (a) Polar chart and (b) Smith

chart

This cumbersome calculation can be avoided when the scale of Z; is plotted.
The reflection coefficient is expressed in terms of this normalized load
impedance, z = Z;/Z, = r + jx, as shown in Equation (3.60).

|
r =2 - (3.60)
= |

The trajectories of I'; can be plotted on the same complex plane for the

change of x with r kept constant, and also for the change of r with x kept
constant. The resulting plot is called a Smith chart. Therefore, when I'; is plotted

on the complex plane, the normalized load impedance by Z, can be directly read
from the chart without requiring any calculation.



Figure 3.16(b) shows the commonly used impedance based on a Smith chart.
A Smith chart with both admittance and impedance scales represented by
different colors is also available. Due to the frequent use of a ruler and compass
in working with a Smith chart, a radial scale is usually provided at the bottom of
the chart, as shown Figure 3.17. The scales for the reflection coefficient, VSWR,
and return loss are shown at the bottom of the chart. Using those radial scales,
VSWR, the magnitude of reflection coefficient, and return loss can easily be
read with a compass, which does not require any calculation. In addition, the
angles are provided on the circumference of the Smith chart, as well as the
circumference scale corresponding to wavelength.
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Figure 3.17 A Smith chart. The scale for the reflection coefficient, VSWR,
and return loss are at the bottom of the chart. The scale can be used to set a
compass.

Example 3.8

For a load reflection coefficient I'; = 0.6 £-30° with a reference
impedance of Z, = 50 Q, determine the load impedance using a Smith chart.

Solutions

Find the point corresponding to the angle —30° on the circumference
scale of the Smith chart and draw a straight line with a ruler from the center
of the chart to this point as shown in Figure 3E.10. Measure a radius of 0.6
using the radial scale at the bottom of the chart with a compass. With the
one end of the compass fixed at the center of the chart, draw the |[';| = 0.6

circle. The intersection point of the line and the [I';| = 0.6 circle will appear

at A. The normalized impedance at this point is read as z = 2 —j1.8. Then,
de-normalizing z by the 50-Q reference impedance results in Z; = 100 —

j90.



Figure 3E.10 Impedance calculation using a Smith chart. The compass is



set using the radial scale of 0.6 shown in Figure 3.17 below the Smith chart.
Locate one leg of the compass at the origin of the Smith chart and draw an r
= (.6 circle. Draw the straight line corresponding to -30° using the
circumferential angle scale along the Smith-chart circle. The intersection
point of the r = 0.6 circle and the straight line A is shown above. Reading
the value of the normalized impedance is about z = 2 —j1.8.




3.5 Applications

The application of transmission lines to a circuit is a vast subject and so, in
this book, we will limit the discussion to a few of the many practical
applications. The applications for these lines can be broadly categorized into that
of a short-length transmission line and that of a quarter-and a half-wavelength-
long transmission line. Another important application is the use of a quarter-
wavelength transmission line as an impedance inverter. In a situation where the
transmission line in a circuit requires a very large area at the frequency of
operation, this is often implemented as lumped elements to save space. In this
case, the lumped-equivalent two-port circuit of the transmission line is used.
This will be discussed briefly in this section.

3.5.1 Short-Length Transmission Line

The inductors or capacitors described in Chapter 2 can be implemented in a
limited-frequency range using transmission lines. A transmission line having
electrical length 0 is shown in Equation (3.61).

I
il
p
The impedance of a short-circuited transmission line is jZ, tan(f). As the

6=p1="" (3.61)

length 6 is small, it gives a positive reactance that is proportional to w, so it can
be used as an inductor. The equivalent inductance can then be calculated using
Equation (3.62).

joL = jZ_ tan (H) (3.62)

When Z, is large and 0 is small, the shorted transmission line functions more
like an inductor.

In contrast, when the end of a short-length transmission line is open, it gives a

negative reactance, so it can be considered as a capacitor and the equivalent
capacitance can be determined from Equation (3.63).

LI 3.63
joC ~ jtan(6) Gas)

In this case, when Z, and 6 become smaller, the open-end short-length

transmission line functions more like a capacitor.



3.5.2 Resonant Transmission Line

A resonator acts as the main component in filter design. Figure 3.18 shows
both series and parallel resonant LC circuits. At the resonant frequency,

(@) (b)
Figure 3.18 Resonant circuits: (a) LC series resonant circuit and (b) LC
parallel resonant circuit

the series and parallel resonant LC circuits become short-and open-circuited,
respectively. That is, at w,, the impedance in the case of the series resonant

circuit becomes 0, which means a short circuit, while for the parallel resonant
circuit, the admittance becomes 0 and the impedance approaches infinity, which
means an open circuit.

These series and parallel resonant circuits can be constructed using
transmission lines with one end that is either shorted or opened. In this section,
we will examine the series or parallel resonances of the transmission line with
one end shorted or opened. When the transmission line with one end shorted or
open functions as both series and parallel resonant circuits, we can also
determine the values of LC for both those circuits. The series resonance or
parallel resonance can be found using the voltage and current standing-wave
patterns. Through the standing-wave patterns, we can easily determine whether
the transmission line functions as series LC or parallel LC resonant circuits.

The voltage at z of the one-end shorted transmission line, as shown in Figure
3.19,is V(2) = V'(2) + V(2) = V* e P2 + v P2
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Figure 3.19 Standing waveforms in a quarter-wavelength shorted
transmission line. V(z) and I(z) represent the voltage and current standing

waveforms.
Since
V-
TL — F — —1
V(2) results in V(:) = 2jV" sin (’B:) (3.64)

Note that the voltage is 0 at z = 0, which is shorted. Since the line is a quarter
wavelength long, z = n/2, we know that the maximum voltage occurs at the
input. Similarly, for the current,

1 . .
Iz)=I'(z) - I (z) = =—(V'e'™™ — Ve
() =1 (2)-1(z) = = )

Q

(3.65)
= ——cos (,B::)

[}

This means the maximum current flows at the plane of z = 0, but the current at
the input of the transmission line can be found to be 0. Intuitively, because the
transmission line is short-circuited at z = 0, maximum current flows while the
voltage, on the other hand, is 0. Also, because the input of the transmission line
corresponds to the quarter cycle of the sinusoidal waveform, it can easily be



determined that the current will be 0 and the voltage peak will be at the input
plane. Therefore, the impedance at the input terminal of a shorted quarter-
wavelength transmission line is o and so its behavior is similar to the parallel
resonant circuit. In contrast, when one end of the line is open-circuited, the
voltage is maximum and the current is 0 at z = 0. When the standing wave
reaches the position of a quarter cycle, the opposite occurs. The voltage is now 0
and the current is maximum at the position of a quarter cycle. This means the
impedance becomes 0. The open-end quarter-wavelength transmission line can
thus be found to behave similarly to a series-resonant circuit.

We will now try to compute the equivalent LC values of the short-circuited
transmission line. Dividing Equation (3.65) by Equation (3.64), the input
admittance of the circuit in Figure 3.19 is shown in Equation (3.66).

T +Aw n 7T Aw
Y, ., =—jY ocotfl = —jY cot| ——— | = —j¥ cot| =+ ——
in, D } o ﬁ } DC {2 ) } } GCD (2 2 W ] (366)

Here, Aw represents the deviation from the resonant frequency w,. Around the
resonant frequency w,, Y, can be approximately expressed as shown in
Equation (3.67)

A A
[” - ‘“J ~ jy 222 (3.67)
2w,

which can be seen to increase linearly with frequency. On the other hand, the
input admittance of the parallel resonant LC circuit, shown in Figure 3.20, is
given by Equation (3.68).

1
Y., = jloC-—
m,L }( mLJ (3.68)
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Figure 3.20 Lumped parallel resonant circuit

Around ©, = 1/(LC)”%, Y;,, can be approximated as
(
Vo L = j (mn+ﬂm)C——1
N \ oL (mn + ﬂm)L
) (3.69)
= jl 4w c + 22 | = j2csw
L L
Comparing Equation (3.69) with Equation (3.67), we obtain Equation (3.70).
¥
G Tlo, (3.70)
4w, 8f Z

Now, the value for the inductance L, which is related to the resonant
frequency, is determined as shown in Equation (3.71).

1

w>C

The equivalent L and C values for these short-circuited quarter-wavelength

and half-wavelength transmission lines can be similarly determined and each is

shown in Figure 3.21. Note that the half-wavelength transmission line shows a

series resonance and the value of L is first determined similarly to the previous

procedure. Also, because the length is twice that of the quarter-wavelength

transmission line, the factor 4 instead of 8 appears. In Figure 3.22, the summary

for open-circuited quarter-and half-wavelength transmission lines is shown. In

the open-circuited case, series resonance appears at the quarter wavelength and
parallel resonance appears at the half wavelength.

fp=

3.71)
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Figure 3.21 Equivalent circuits for (a) shorted quarter-wavelength and (b)
half-wavelength transmission lines
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Figure 3.22 Equivalent circuit for (a) open-end quarter-wavelength and (b)
half-wavelength transmission lines

Example 3.9

For the shorted quarter-wavelength transmission line with Z_, = 50 Q
shown in Figure 3.19, compute the lumped LC-equivalent circuit values at a



frequency of 1 GHz.

Solutions
From Figure 3.21(a), the value of C
1 i
8fZ 8x1x10°x50 T
is obtained, and the corresponding L value is
Ljes : L = 10.13 nH

S 0C (2rx10°) x25x 10

In order to examine the frequency range at which the lumped LC-
equivalent circuit can approximate the transmission line, we set up the
circuit shown in Figure 3E.11 in ADS and compare the impedances.



o
Q SRC1 T
lac=polar(1,0) A Z=50.0 Ohm AC
E=90 L AC1
1 F=1GHz - SweepVar="freq"
— Start=0.5 GHz
Stop=1.5 GHz
Step=0.02 GHz
Freq=
Z 2
" do | VART
f0=1.0G
20=50
(1\ SREJZ W0=2*pi*fo
lac=polar(1,0) A | 7 1 er=1/(8*0"Z0)
T C=cr P L=l Ir=1/(wo"2%cr)

Figure 3E.11 Impedance computation for a parallel resonant circuit and the
shorted quarter-wavelength transmission line. The values of LC for the
parallel resonant circuit are computed in VAR1 at a frequency of 1 GHz.
Since unit current sources are used, the voltages Z_1 and Z_2 become the
impedances.

Figure 3E.12 also shows the simulated admittances. The admittance of
the lumped LC parallel resonant circuit, 1/Z_2, is compared to that of the
shorted, quarter-wavelength transmission-line resonator 1/Z_1. The two
admittances show relatively close agreement near the resonant frequency,
but differences can be found as the frequency moves away from the
resonant frequency.
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Figure 3E.12 Comparison of the admittances of a quarter-wavelength
transmission line and a lumped parallel resonant circuit. The admittances of
the quarter-wavelength transmission line and the parallel resonant circuit
are computed by imag(1/Z_1) and imag(1/Z_2), respectively.

Example 3.10

Figure 3E.13 shows an RF circuit connected to a quarter-wavelength
transmission line, the end of which is shorted with a bypass capacitor.
Explain why the transmission line does not affect the RF circuit at the
center frequency f,,.



RF Z s =Yk =T,
Circuit

Figure 3E.13 RF choke circuit. The capacitor C at the end of the quarter-
wavelength transmission line is sufficiently large and operates as a bypass
capacitor. The impedance seen in the capacitor-loaded quarter-wavelength
transmission line is a parallel resonant circuit and it approaches infinity at
the resonant frequency. Thus, the capacitor-loaded quarter-wavelength
transmission line does not affect the RF circuit at the resonance frequency.
It is called an RF choke (RFC).

Solutions

Since the bypass capacitor C acts as a short, the transmission line seen
from the RF circuit acts as a shorted quarter-wavelength transmission line.
As aresult, a parallel resonant circuit appears at the input of the RF circuit,
which becomes an open circuit at the resonant frequency. Thus, the
transmission line circuit has no effect on the RF circuit and acts as an RF
choke (RFC). Notably, DC voltage can be supplied to the RF circuit by
applying the DC voltage to the top of the bypass capacitor. The
transmission line circuit can operate as an RFC for a broader bandwidth as
the characteristic impedance of the transmission line becomes higher.

Example 3.11

Figure 3E.14 is a photograph of an oscillator that employs a dielectric
resonator oscillator.



Figure 3E.14 An RF choke used in a dielectric resonator oscillator. The
circled area is the RF choke that is used to bias the transistor.

In the oscillator circuit, an RFC circuit similar to the RFC circuit
explained in the previous example is also used. Explain the function of the
area circled in Figure 3E.14.

Solutions

Figure 3E.15 shows an equivalent circuit for the dielectric-resonator
oscillator in Figure 3E.14. Transmission lines A, B, and C represent the
equivalent circuit of the circled area in Figure 3E14. The characteristic
impedance of narrow microstrip lines is denoted as Z;, while that of the
wide microstrip is denoted as Z;. Here, the impedance of transmission line

C seen from the connection point behaves as a series resonant circuit, as



shown in Figure 3.22(a). Consequently, the point where transmission lines
A, B, and C are connected is actually shorted to the ground. Since the
connection point is grounded, transmission line A presents an impedance

Z;, = o when viewed from the RF circuit, and the circled circuit acts as an

open circuit to the RF circuit at the resonant frequency.

Circuit 5 CBI
I—' Cll|Z,, [=—=+ H
Zr'n

Figure 3E.15 Equivalent circuit of the circled area shown in Figure 3E.14

Note that the one-end-open, quarter-wavelength transmission line such as
transmission line C in the figure presents a short-circuit impedance when
seen from the other end of the line. In contrast, the one-end-shorted,
quarter-wavelength transmission line provides an open-circuit impedance
when seen from the other end of the line. Through similar reasoning,
transmission line B provides an open-circuit impedance at the connection
point because its end is shorted to the ground by the bypass capacitor Cg.

However, its effect does not appear because the connection point is shorted
to the ground. The role of transmission line B is to widen the bandwidth of
RFC. At a lower frequency, the transmission lines A and B function as
inductors, and transmission line C functions as a capacitor, and together
they function as a lowpass filter. The circuit in Figure 3E.15 behaves as a
broader-band RFC than the RFC circuit in Example 3.10.

Example 3.12

Figure 3E.16 is an oscillator employing a quarter-wavelength coaxial-line
resonator. Explain the principle of the oscillator’s operation.
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Figure 3E.16 An oscillator employing a coaxial line. The active device is a
one-port device with negative resistance. The coupling loop is used to
couple the power inside the oscillator. Since the magnetic field is strong at
the shorted end of the coaxial line, the loop probe is inserted. The tuning
screw is used to tune the oscillation frequency.

Solutions

The active device in Figure 3E.16 sees the impedance of a shorted
quarter-wavelength coaxial line that appears as a parallel resonant circuit.
Therefore, the equivalent circuit is configured as shown in Figure 3E.17.
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Figure 3E.17 Equivalent circuit of the oscillator in Figure 3E.16. The
shorted quarter-wavelength coaxial line in Figure 3E.16 can be modeled as
a parallel resonant circuit with a resonance frequency of .

Since the active device is biased to have negative resistance, the total
resistance of the resulting parallel resonant circuit is negative.
Consequently, an exponentially increasing voltage appears across the active
device, which at equilibrium becomes a sine wave with constant amplitude.
Accordingly, the oscillation frequency becomes approximately the same as
the resonant frequency of the quarter-wavelength coaxial line. Generally,
the oscillation frequency differs slightly from the quarter-wavelength
resonant frequency due to the parasitic elements arising from the active
device. The screw in Figure 3E.16 is inserted to obtain the desired
oscillation frequency by means of its adjustment.

The loop probe is inserted for sensing magnetic fields. The reason for the
placement of the loop probe is that the current is at its maximum at the
shorted end. As the current is proportional to the magnetic field, the
magnetic field is strongest near the shorted end. Therefore, in order to
couple the oscillation power from the point where the magnetic field is
strongest, the loop probe is inserted as illustrated. If a dipole probe was
inserted instead of the loop probe, the electric field near the shorted end



would be almost nonexistent and there would be almost no coupled output
power. Taking the resonance property of the shorted quarter-wavelength
coaxial line into consideration, the dipole probe should be inserted near the
active device.

3.5.3 Two-Port Circuit Application

We have previously seen the one-port circuit application of a short-length
transmission line to a capacitor or an inductor. We have also seen how quarter-or
half-wavelength transmission lines can be used to replace lumped LC-resonant
circuits. In addition to these applications, transmission lines are frequently used
as two-port circuit components. The application of a quarter-wavelength
transmission line as an impedance inverter is a typical example. In this section,
we will learn the widely used two-port circuit representation of a transmission
line.

3.5.3.1 Impedance Inverters When a load Z; is connected to one end of a
quarter-wavelength transmission line with the characteristic impedance Z,, the
input impedance Z;, is shown in Equation (3.72)
_ 7 i iﬂn(ﬁ:) _ Z_j
" °Z+Ztan(fz) Z,
which behaves as an impedance inverter. This is a typical application in power
dividers, the structure of which is shown in Figure 3.23. The purpose of the
power divider is to divide an input power equally into two output ports without

reflection. When the two output ports are directly connected to the input port
without transmission lines, the input impedance Z;, becomes Z /2 and there will

be reflection at the input due to mismatch. Thus, impedance matching is
required. To match the input, the impedance Z; shown in Figure 3.23 must be

27, so that power can be delivered to the two output ports without reflection.
When a quarter-wavelength transmission line of Z, is inserted for the purpose of

z

(3.72)

impedance matching, the impedance Z; seen from the input power into the

22
L= 28 = ==

1 o
transmission line then becomes Z,
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Figure 3.23 Schematic of a power divider. The quarter-wavelength
transmission line matches the 50 Q to 100 Q. As a result, Z;, becomes 50 Q.

The impedance of the transmission line Z, is then determined as shown in
Equation (3.73) Z« = V22, (3.73)

and the input power will be equally divided into the two output ports without
reflection.

Example 3.13

To satisfy the condition Z; = 2Z , it can be achieved with a resistor
instead of the transmission line, as shown in Figure 3E.18(a). When Z, = 50
Q, Z; will be 100 Q. Then, the power from the input port can be equally

divided and delivered to the two output ports. This type of divider is shown
in Figure 3E.18(b) and it is called a resistive power divider. Determine the
difference in the power delivered to the two ports when the resistive power
divider is used instead of the power divider shown in Figure 3.23.
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Figure 3E.18 (a) A resistive power divider and (b) a photo of a resistive
power divider.2 Note that the power delivered to the load becomes the half
of the power divider in Figure 3.23. However, the resistive power divider
provides a broadband operation.

2. Agilent Technologies, Differences in Application Between Power Dividers and Power Splitters,
Application Note 5989-6699EN, 2007.

Solutions

In the power divider shown in Figure 3.23, all the input power is
delivered to the load with none consumed, whereas in the case of the
resistive power divider, as power is delivered only to Z, out of the total
resistance 2Z,, the delivered power is half when compared with the divider
in Figure 3.23. Thus, the output power is reduced by 6 dB when compared
with the input power. The resistive power divider is widely used in

instruments due to their broadband operation despite the loss of the
delivered power.

3.5.3.2 Two-Port Lumped-Element Equivalent Circuit A transmission line is
a passive two-port circuit and it can be represented by a two-port lumped-
element equivalent circuit within a limited frequency range. The two-port circuit
representation of a transmission line allows the lumped-component
implementation of circuits such as delay line, branch-line coupler, rat-race ring,



or power dividers, which are easily implemented using transmission lines. In this
section, we will learn how to construct such transmission-line two-port
equivalent circuits as well as how they are used.

From circuit theory, a general, passive two-port circuit can be represented by
T-or pi-shaped equivalent circuits, as shown in Figure 3.24. In the case of
symmetry, the circuit in Figure 3.24 satisfies (a) Z, = Z. and (b) Y; = Y;. Since
the transmission line of electrical length 6, shown in Figure 3.25(a), is a
symmetrical, passive two-port circuit, it can be represented by the symmetrical
cases of T-and m-equivalent circuits shown in Figure 3.24(a) and Figure 3.24(b).
The values of the symmetrical T-and m-equivalent circuits can be obtained by
making their two-port parameters equal. A bisection method can be used to
determine the values of the symmetrical T-and m-equivalent circuits.

a (&

O_ZIZ_OCIE[O

Zb Yl Y3

o & 0 o 4 @ 0

@ (b)
Figure 3.24 (a) T-and (b) m-shaped equivalent circuits for a general passive

two-port network. The derivation of an equivalent circuit is explained in
Chapter 5. For a symmetrical two-port network Z, = Z.in (a) and Y; = Y3 in

(b).
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Figure 3.25 Lumped-element equivalent circuit of (a) a 6-long transmission
line; (b) a T-shaped equivalent circuit; and (c) a m-shaped equivalent circuit.

Symmetry
Line

Y

The values of T-and n-shaped equivalent circuits can be derived by
bisection along the symmetry line. Z, = jZ tan(0/2) and Z, = —jZ csc(0) in
(a) while Y; =jY tan(6/2) and Y, = —jYcsc(0) in (b).

When the T-shaped and n-shaped equivalent circuits in Figures 3.25(b) and (c)
are opened along the line of symmetry, the open-circuit impedances of T-and -
shaped circuits should match the impedance of the bisected transmission line,

and this can be written as Equation (3.74).




i A i 6 (3.74)
7

Also, when the T-and n-shaped circuits are shorted along the line of symmetry,
the short-circuit impedances of the T-and m-shaped circuits should match that of

the bisected transmission line, and this results in
Z = ; = jZ_ tan E [Sen)
¥ 2% 2

Therefore, Z, in Equation (3.75) for the T-shaped circuit can be determined,
and when it is substituted in Equation (3.74), it will yield the value of Z,. Thus,

the values for the T-shaped equivalent circuit are shown in Equations (3.76a) and
(3.76b).

. 6
Z =7 =jZ tan(z] (3.76a)
1 2] 2
z,=1l-7 tan(E)-l— | = iz, exc(o) (3.76b)
jlan(z)

Furthermore, Y; in Equation (3.74) for the pi-shaped circuit can be
determined, which when substituted in Equation (3.75), will give Y,. The circuit

values for the m-shaped equivalent circuit are shown in Equations (3.77a) and
(3.77b).
6

Y, =Y, =Y, tan(E) (3.77a)

Y, = —jY, csc(8) (3.77b)

2

For a quarter-wavelength line, tan(6/2) = csc(f) = 1 and the equivalent circuit
shown in Figure 3.26 can be obtained. Note that all the reactance of inductors
and capacitors is equal to the characteristic impedance of the transmission line
V4

o*
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Figure 3.26 (a) T-and (b) m-equivalent circuits for a quarter-wavelength
transmission line. Note that the values of the three elements have the same
magnitude and are determined by Z, or Y,,.

Example 3.14

By using the lumped-element equivalent circuit in Figure 3.26(b), design
the power divider in Figure 3.23 and verify its operation using ADS
simulation.

Solutions

The m-equivalent circuit of a quarter-wavelength transmission line in
Figure 3.26(b) is used to replace the two quarter-wavelength transmission
lines in the power divider and the power divider can then be configured as

shown in Figure 3E.19.
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Figure 3E.19 A power divider employing lumped components. The two
quarter-wavelength transmission lines in Figure 3.23 are replaced by m-
shaped equivalent circuits.

The circuit shown in Figure 3E.20 is set up in ADS to verify its
operation. In this circuit, both ports 2 and 3 are terminated by 50-£2 resistors
and the voltages appearing at the ports are represented by voutl and vout2.
The input is represented by a Norton equivalent circuit with a current
source of 1 A and a 50-Q resistor in parallel. Both the values of L and C are
assigned to have an impedance of Z, = (2)”*-50 using VAR (variables and

equations components). The computed voltages are shown in Table 3E.1.



vin1
&

>

A R=50 Ohm
SRC1
lac=polar(1,00A |

§R2 VAR1

¢ fo=1G
R=500hm  zx=sqrt(2)*50
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Figure 3E.20 Simulated circuit for a power divider using lumped
components at a frequency of 1 GHz. First, zx in VARU1 is defined to match
50 Q to 100 Q. Then, the values of an inductor and capacitor that give the
impedance zx at a frequency of 1 GHz are computed. The source is
represented by the Norton equivalent circuit with the impedance 50 Q.

freq

voutl

vout2 vinl

10GHz

17.678/-90°

17.678/-90° 25/0°

Table 3E.1 Calculated voltages (note that since the impedance seen
from the current source is 25 Q, vin1=25 V)

First, since the impedance when looking into the power-divider circuit is
50 Q, the input resistance seen from the current source SRC2 will be 25 Q
because the input resistance is a parallel combination of R1 and the power-
divider input resistance. A current of 1 A flowing into the parallel combined
input resistance of 25 Q will develop a voltage 25 V for vinl. Second, in
order to know whether the available power has been delivered into the two
output ports without reflection, the following equations are entered in the

display window.

pa=1/8*50



p1=1/2*mag(voutl)**2/50

r=pl/pa

Measurement Expression 3E.3 Calculation for available
and delivered power in the display window

Here, power pa means the maximum available power from the Norton
source and p1 means the power delivered to the 50-Q load. Therefore,
comparing the two, the ratio r should be half if the input power is equally
divided and delivered to the load without reflection. Now we can find
whether the available power is delivered without reflection through r. Table
3E.2 shows the result of the r value displayed using the listing box. The
result will be that the available power is delivered without reflection.

freq r

1.0 GHz 0.5

Table 3E.2 Calculation results using Measurement Expression 3E.3 (the
variable r is the ratio of available power to delivered power to the load)




3.6 Discontinuities

In the practical implementation of a transmission-line circuit, multiple
transmission lines cannot be connected to a single point and often require an
area, which is called discontinuity. These discontinuities store a part of the
energy around them and the stored energy cannot propagate through the
transmission lines. Consequently, the discontinuities can be modeled as energy-
storing inductors or capacitors. In this section, typical examples of such
discontinuities will be discussed and their effects will be explained qualitatively.
Approximate circuit models of the discontinuities are already built in as
components in ADS, which makes it possible to simulate their effects without
specific knowledge of them. Thus, a qualitative understanding may be sufficient
to help understand the circuit-simulation results. In addition, we will also learn
how to evaluate such discontinuities by example.

3.6.1 Open-End Microstrip

Figure 3.27(a) shows a top view of an open-end microstrip line, while Figure
3.27(b) shows its equivalent circuit. Additional fringing fields arise at the end of
the open-end microstrip. The effect of the open-end capacitance can be
represented by an additional capacitance C,,.

/i

ac

ro| -

T »
(@) (b)

Figure 3.27 Open-end microstrip: (a) top view and (b) its equivalent circuit.
The capacitor C,. reflects the extra fringing capacitance due to the open



end.

The capacitance C,,. is usually called a microstrip open-end capacitance, the

approximate effect of which looks like an extension of the microstrip line’s

length. The length extension from the reference plane defined at T-T" in Figure
€
o A== (3.78)
3.27 is given by e
The C in Equation (3.78) represents the capacitance per unit length of the
microstrip line and C,, represents the microstrip’s open-end capacitance.

Example 3.15

For microstrip components in ADS, there are two open stubs; one
component, MLEF, takes an open-end capacitance into account whereas
the other component, ML OC, does not. For a 10-mil-thick alumina
substrate, compare the reflection coefficients of these two open stubs at a
frequency of 10 GHz. In addition, calculate the length extension due to the
open-end capacitance.

Solutions

Set up the circuit as shown in Figure 3E.21. The MLEF is a microstrip
open stub with the open-end effect and MLOC is a microstrip open stub
without the open-end effect. The width and length for a 50-Q2 quarter-
wavelength line are calculated using LINECALC. The values of width and
length are 9.719 mil and 115 mil, respectively. In order to find the length
extension of MLEF as a consequence of the open-end effect, the length 11
of the MLOC is set as a variable.
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Figure 3E.21 Evaluation of a microstrip open-end effect by simulation. The
component MLEF is the microstrip circuit element taking the open-end
effect into account, whereas MLOC is just the microstrip line whose end is
open. Vopenl and Vopen2 become the impedances because the AC current
sources are both set to 1 A. To find the length extension of MLEF, the
length I, of MLOC is varied.

In Figure 3E.21, Vopen1 and Vopen?2 directly become the impedances.
In order to convert the impedances to reflection coefficients, the following
equations in Measurement Expression 3E.4 are entered in the display
window:

s1=(Vopen1-50)/ (Vopen1+50)

s2=(Vopen2-50)/ (Vopen2+50)
Measurement Expression 3E.4 Calculation of reflection
coefficients

Next, the result is displayed in Figure 3E.22. Since the length of MLOC
is set to vary, the reflection coefficient of MLOC will increase in a
clockwise direction. Comparing the reflection coefficient of the two lines,



when the length of the MLOC increases by approximately 3 mil from 115
mil, MLOC with the increased length gives the same reflection coefficient
as the MLEF. Therefore, through this example it can be seen that the open-
end capacitance corresponds to the length extension of approximately 3 mil
at 10 GHz.

ml

freq=10.00GHz
§2=1.000/175.937
[1=118.000000

freq (10.0000GHz to 10.0000GHz)

Figure 3E.22 Simulated reflection coefficients of the two open-end
microstrip lines in Figure 3E.21. The reflection coefficient s1 is for MLEF
and s2 is for MLOC. The length [; of MLOC should be 118 mil to give the
same reflection coefficient as that of MLEF, which is approximately 3-mil

long compared with the length of MLEF.

3.6.2 Step and Corner Discontinuities



Figure 3.28 shows step and corner discontinuities. The equivalent circuit of
the step and corner discontinuities is shown in Figure 3.28(c). Due to the current
discontinuities at the step and corner, there will be energy stored around these
discontinuities, which can be represented as an inductor in the equivalent circuit.
Two inductors appear in both connecting lines to form a step and corner
discontinuity. These inductors are usually small and their effects can be
approximately represented by a small extension of the length of both microstrip
lines. Defining L,; and L, as the inductances per unit length of the lines on the

left-and right-hand sides, and L; and L, as the inductances arising from the
discontinuity, length extension [; and I,, similar to the open-end case, are
approximately given by Equation (3.79).

L E
e I =2 3.79
1 L|;.1 2 Lg}_ ( )
I I
} :
I I o— - o
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(@) (b) (c)

Figure 3.28 Microstrip (a) step, (b) corner, and (c) their equivalent circuit.

In the case of the step discontinuity, the discontinuity has no length. In the

case of the corner discontinuity, the discontinuity region is defined by the
triangle with reference planes T and T".

In Figure 3.28(c), the change in length of the lines from reference planes T
and T’ is denoted as [; and I,. In the figure, a capacitor Cg is shown that

represents an additional fringing capacitance or a capacitance caused by the area
of the discontinuity.

3.6.3 T-Junction and Cross Junction

As shown in Figures 3.29 and 3.30, when three or four microstrip lines are
connected, the connection requires a common area that is approximated to a



point in circuit analysis. The effect of such discontinuities is generally not small.
However, similar to step and corner discontinuities, they are modeled as a length
extension of the lines and a discontinuity capacitor. It is noteworthy that the
equivalent circuit appears to be connected in shunt because the electric field at
the junction area is common to all the connection lines. Approximating the
common junction area as a point, the voltage at the connection point can be
approximately equal and the shunt connection is physically plausible. With
planar transmission lines, in the case of a slot line or CPW, care should be taken
in building up the equivalent circuit because the electric field at T and the cross
junction are not common to all the connection lines. Refer to reference 3 at the
end of this chapter for detailed information.
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Figure 3.29 (a) A T-junction and (b) its equivalent circuit. The T-junction

equivalent circuit in Figure 3.29(b) describes the discontinuity of the
rectangle defined by reference planes T, T, and T”. The capacitor Cy is

physically interpreted as the capacitance due to the area of the discontinuity



rectangle and the lengths [;, [,, and /5 of the transmission lines are due to
the length that reaches the center point of the discontinuity rectangle.

I T,

@ (o)

Figure 3.30 (a) Cross-junction and (b) its equivalent circuit. The cross-
junction equivalent circuit describes the discontinuity rectangle defined by
reference planes T, T,, T3, and T,. The physical interpretation of the

equivalent circuit is similar to T-junction discontinuity.



3.7 Summary

* The voltage and current of a transmission line are waves propagating
along the propagation axis z with a phase velocity v, and their

waveforms have the same shape. The ratio of the voltage to the current
is defined as the characteristic impedance Z,,.

* The time delay appears in the transmission line due to v, and thus the

transmission line of a finite length is specified in various ways such as
(v, length), (fraction of wavelength, frequency), and (electrical length,

frequency).

* The transmission-line parameters Z, and v, can be measured using
open-and short-circuit impedances.

* Coaxial and microstrip lines are the most widely used transmission
lines. As the outer diameter of a coaxial line becomes smaller, the line
can be used as a single-mode transmission line up to higher
frequencies.

» When a mismatched load is connected to the end of a transmission
line, a reflection occurs. As a result, a standing wave is formed. The
reflection can be described by the reflection coefficient, VSWR, and
the return loss. VSWR is the index representing the standing
waveform.

* Series or parallel resonances occur for a transmission line with a
length of nA/4. The application of the transmission-line resonator and
the extraction of the values of LC at resonance are explained.

* A transmission line can be represented by T-shaped, n-shaped
equivalent circuits, or a lumped two-port network because the
transmission line is a passive device. Also, the applications for the
two-port representation are shown.

* Physical implementation of a circuit using a transmission line
accompanies discontinuities. The method for characterizing the
discontinuities using the approximate discontinuity models built in to
ADS is explained.
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Problems

3.1 In Example 3.1, a traveling sine wave propagating along z direction is
given by cos(wt-fz). For a constant C, if wt-fiz = C is chosen, what is the
meaning? Also, when this constant is taken as the peak of the sine wave,
prove that its velocity is v,

3.2 In the special case of the transmission line when 0 is small, find the
values of L and C using the results in Figure 3.25. In addition, show that the
equivalent circuits in Figure 3P.1 yield the same wave equation as 8 - 0:

L L L,

o Y @ Y 0 0 0 ‘app' o 0

11
11
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I
11
11
11
o

o = 0 o - = 0
(a) (b)

Figure 3P.1 Equivalent circuit of a short-length transmission line: (a) T-and
(b) m-shaped

3.3 Considering the two-port circuit in Figure 3P.2 as a transmission line,
determine its equivalent characteristic impedance using the open-and short-
circuit methods presented in section 3.2.4.
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Figure 3P.2 LC circuit

3.4 (1) If the electrical length at a frequency of 1 GHz is 90°, what is the
electrical length at a frequency of 3 GHz?

(2) Also, if the phase velocity is equal to the speed of light, what is its
length?
(3) Finally, what is its propagation constant?
3.5 In the definition of the reflection coefficient shown below, when the real
part of Z; is positive, prove that [I';| < 1.
i RN
rL pu— = L LU
S AS
3.6 Figure 3P.3 shows a slot-line measurement. Voltage standing-wave
minima location is shown by the numbers for two measurements. When the

load is replaced by a short, the first minimum occurs at 90 cm. The distance
d,;, from the first minimum to the short is 15 cm (= 90 — 75 cm in Figure

3P.3) at a frequency of 375 MHz. Find the load impedance.




VSWR =
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0 A A A 100 (cm)
10 50 90 <«— Minima
Location
VSWR =5
Actual
Load
o 100(cm)
A A o
35 75 +«— Minima
Location

Figure 3P.3 Slot-line measurements

3.7 In Figure 3P.4, V" and V™ represent incident and reflected voltage
phasors at load plane. Write the voltage V; using V' and V. When the

VSWR at the input is 2, find the magnitude of I';,, and the corresponding
return loss. In the condition above, setting Z, = 50 Q, find the value of
resistor Z;.
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Figure 3P.4 Transmission line terminated by load

n

3.8 Using the scale at the bottom of the Smith chart in Figure 3.17 and a
compass, find the VSWR and the return loss corresponding to I" = 0.6.

3.9 For a transmission line with Z, and 0, derive the ABCD parameters

()= (¢ B)()

3.10 Figure 3P.5 shows an equivalent circuit of a distribution amplifier
similar to that in Figure 3.1. Find V; and V.

defined as

7,0 7,0 7,0
— ] o | } o { )
+
§ Z, @ I @ Ie” Zf,§ 4

Figure 3P.5 Equivalent circuit of the output of a distribution amplifier



3.11 If a 50-Q transmission line has a quarter-wavelength length at 1 GHz
and its end is short-circuited, can this be considered a parallel resonant
circuit near the 1 GHz frequency? What, then, is the capacitance of the
parallel resonant circuit?

3.12 In Figure 3P.6, find the characteristic impedance Z, for a maximum
power transfer to load 2Z,. For this, find the time-domain voltage waveform
v4(t). Also find the time-domain voltage waveform v,().

Figure 3P.6 Problem 3.12 circuit

3.13 (ADS Problem) The characteristic impedance of a transmission line
can be found by applying a pulse signal to the line. Figure 3P.7 shows a
simulation setup for computing the characteristic impedance of the
transmission line. By computing the current and voltage pulses, and the
ratio of the pulse, show that the ratio is the characteristic impedance given
by 50 Q.
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Figure 3P.7 Simulation setup to compute the characteristic impedance

using a pulse

3.14 (ADS Problem) The standing wave can be simulated by sweeping the
length of the transmission line as shown in Figure 3P.8. Plot the mag(v1) vs.
11 results in the standing-wave pattern. Also, plot the standing waveform
with time as a parameter. It will be apparent that the minimum point does
not move despite the time change, which is why it is called a “standing

wave.”
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Figure 3P.8 Standing waveform simulation

3.15 (ADS Problem) Using ADS, extract the equivalent circuit of corner
discontinuity MCORN, which has a width of a 50-Q-line microstrip. Note
that it can be represented by a T-equivalent circuit because the corner is a
passive circuit. Here, the substrate is a 10-mil-thick alumina with €, = 9.6.
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4.1 S-Parameters

A two-port network is a circuit that has two accessible ports. A port is a pair of
terminals that satisfies a port condition. The port condition requires that the
current flowing into one port’s terminal should be equal to that flowing out of
the other port’s terminal. Among multiport networks, a two-port network may be
the basic building block for composite functional circuits. Reference directions
for the port variables, such as port currents and voltages, will usually be defined
as shown in Figure 4.1(a). Generally, this kind of two-port network is
represented by two-port parameters that use the relationship between the port
voltages and currents. Figure 4.1 shows Z-and Y-parameters defined in terms of
port currents and voltages. Of the port variables, when the port currents are
chosen as independent variables or sources, it results in the definition of Z-
parameters as shown in Equation (4.1).

[VI] - [:“11 :12][11] {4 ,lj
L(;_ :21 :22 IP_

I Z-parameters ; I Y-parameters .
o—— F—0 o— Ml
4 £ h
W (@ %|fh ARIRAIL
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(@) (b)
Figure 4.1 Two-port parameters: (a) Z-parameters and (b) Y-parameters

Alternatively, when the port voltages are chosen as independent variables or
sources, it results in the definition of Y-parameters as shown in Equation (4.2).
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However, the measurement of the Z-and Y-parameters requires open-and
short-circuiting of ports, and the measurement of the port voltage or current for
the open or shorted port, respectively. Creating an open or short-circuit at the
port planes or reference planes of the device under test (DUT) requires certain
modifications of the DUT, which can be problematic. Furthermore, it is usually
difficult to measure port voltages and currents at the port planes. In addition,
such open-or short-circuited ports can sometimes cause an oscillation in the case
of a sensitive active device, which could cause measurement problems.

On the other hand, in contrast to the Z-and Y-parameters that are directly
defined by the port voltages and currents, S-parameters are defined by the ratio
between the incident and reflected voltages. This definition does not require any
significant modification of the DUT. Measurement can easily be conducted by
employing a directional coupler. Thus, S-parameters are obviously more
convenient when measuring and are thus widely used. In addition, they can also
be converted to other parameters. The S-parameters are commonly measured
using the network analyzer, a photograph of which is shown in Figure 4.2. In
that figure, the network analyzer is composed of a dedicated source, an S-
parameter test set, and the main frame. Here, an S-parameter test set is
configured with a directional coupler and other microwave components for
measuring the incident and reflected voltages that are used to obtain S-
parameters. The main frame provides a user interface for controlling the test set
and source. In addition, the main frame displays the measured S-parameter
results through the test set.
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Figure 4.2 8510 Network Analyzer The S-parameters are measured using
the S-parameter test set and the measured data are delivered to the main
frame. The main frame provides the user interface and displays the
measured data.

1. Agilent Technologies, HP 85106D Millimeter-Wave Network Analyzer System, 1998.

In this chapter, we will discuss S-parameters defined by incident and reflected
voltages and we will introduce the concept of normalization. We will also
consider the concept of a conventional S-parameter and its conversion to other
parameters, as well as the problem of shifting reference planes.



4.1.1 Voltage S-Parameter Definition

Figure 4.3 shows the measurement of S-parameters for a two-port network.
Two sinusoidal voltage sources, E; and E,, with internal source resistances Z;

and Z,,, are applied to ports 1 and 2, respectively. The internal source resistance

is called the reference impedance. For the purpose of defining the S-parameters,
transmission lines are inserted at the input and output of the two-port network, as
shown in Figure 4.3. They are assumed to have 0 length, and their characteristic
impedances are equal to the input and output source impedances Z,; and Z,,

respectively. These transmission lines are inserted to distinguish between the
incident and the reflected voltages at the input and output ports.

V + V +
Z{;I —Ipl. nu_'l 2"{1} :’i Zul
—AMN———1 1 AMW\—
o N, V% 2
CD y 4 2-Port : v, G)
E Network -
ol a2
[ —} —F+————
Zﬂli 9'1 = 0 Zﬂ?’ 92 = U

Figure 4.3 A two-port network. V;, V,, and I;, I, are port voltages and

currents; Z,; and Z,, are reference impedances; V,;*, V,*, and V;, V," are
incident and reflected voltages.

Note that these characteristic impedances are, for the time being, assumed to
be real and to be equal to the source internal resistances of port 1 and port 2,
respectively. Denoting each of the incident and reflected voltages of ports 1 and
2 as V;*, V7, V,", and V,, respectively, and port voltage and current at ports 1
and 2 as V;, V,, I;, and I,, respectively, we can express this as shown in
Equations (4.3)—(4.6).

V, =V + V] (4.3)

1

L=I-L = (% -V) (44)

ol

1.";_ = V;— + L";__ (4:5)



L= -1 = (v - V;) (4.6)
02

We can see that all the port voltages and currents can be expressed in terms of

the incident and reflected voltages V;", V;7, and V,", V,~. Therefore, instead of

representing a two-port network by Z-and Y-parameters defined by the port

voltages and currents, the two-port network can be represented by two-port

parameters defined by the incident and reflected voltages. If the incident
voltages V;*, V,"are selected as the independent variables, and the reflected

voltages V;7, V,~ are selected as the dependent variables, the newly defined two-
port parameters are shown in Equation (4.7).

Ve 55, SEA
[ _ [T Pr|f " 47
Vi) \Sa Sa)\Vy

Such a voltage-defined SVU- is called an S-parameter. Also, from Equations
(4.3) and (4.5), by applying KVL at the input and output ports, we can obtain

Ey—Z, =V, =V +V; (4.8)
E,-Z,I,=V,=V+V, (4.9)
If we substitute Equations (4.4) and (4.6) into Equations (4.8) and (4.9),
respectively, we obtain
i ¥ e
Ey=Z, o (W= )= W+", (4.10)
ol
i . £ 2
En,—Z, Z_(Vz A ) =V, +V, (4.11)
02
From Equations (4.10) and (4.11), we can see that the incident waves V;* and
V" are given by, respectively,
E. E
Y= ?1 W = TQ 4.12)

This means the incident voltage to the two-port network is independent of the
load-matching conditions and is determined only by the presence of the source.
In other words, there is no incident voltage at the input port if E_; = 0; that is, the

source is turned off. When the source is turned on, that is, E,; # 0, there is

incident voltage at the input port given by Equation (4.12). In addition, the
incident voltages can be measured by directly connecting the loads with the
same value as the reference impedances to the sources. Therefore, we can see



that the incident voltage depends only on the presence of the source and its
value, regardless of the port’s condition.
The simultaneous application of sources E,; and E_, can also be decomposed

into two separate cases using the superposition principle. One case would be that
E,; alone is active and the other case would be that E , alone is active. When

E,, = 0, then from Equation (4.12), V," = 0 and the reflected voltage from port
2, V,~ is shown in Equation (4.13).

Vil i U =02, @13)
Also, the reflected voltage from port 1, V;~ becomes Equation (4.14).

Eﬂ
:VI—V::VI—TI (4.14)
Similarly, by making E_ ; = 0 and determining the reflected voltage for this

case, we get Equations (4.15) and (4.16).

v;|

Es:'. =0

E
Vil o= Va2 (4.15)
Vg, =W =V-0=V (4.16)

With these voltages determined, the voltage-defined S-parameters can be
rewritten as Equations (4.17a)—(4.17d).

B
V‘ 1“'!1 ) |
gV = — 5—2 (4.17a)
1 V;:U ol
2
v Y _V
2 v e _Em_ (4.17b)
: 2
E
v; V-5
SV — —2 = ee— "
= v P (4.17¢)




Si2 = % = ;—1 4.17d)

2 lv¥=o o2

2
SV,; and SY,, represent the reflection coefficients at ports 1 and 2,
respectively. To confirm this fact, suppose that the input voltage at port 1 is E;
and at port 2 it is terminated by the load impedance Z ,. Defining the input

impedance looking from port 1 as Z;, the voltage across port 1 becomes

i
Z
V. =—=2_F 4.18
- Zﬂ'l 3 Zr'n = ( )

Substituting Equation (4.18) into Equation (4.17a) and then rewriting, we get
Equation (4.19).
Z E

in ol

Zul * Z:’n i 2 _ Z:’n B Zul
 HphZ

V.
511_

(4.19)

2
Therefore, SV;; is the reflection coefficient looking into port 1 when port 2 is
terminated by Z,,. Similarly, SV, is the reflection coefficient looking into port 2
when port 1 is terminated by Z ;.

Example 4.1

Determine the voltage-defined S-parameter of the two-port networks
when the reference impedances of ports 1 and 2 are Z,.

Solution
(1) Series Impedance

From Figure 4E.1, when port 2 is terminated by Z, the
impedance looking into port 1 is Z, + Z,. The reflection coefficient
looking into port 1 is
= ZS + Z|:I & Z|:I Zs

S T Y

5



Figure 4E.1 A two-port circuit (series)
Also, since the two-port network is symmetrical,
S11= 52
In addition, the voltage across port 2’s termination Z, is
¥

ool

Vo il
P Z+Z +Z,

Therefore,
zﬂl
o _2Z.+Z ° _ 2, _
2 2 272 +Z, o
3
(2) Parallel Impedance

Similarly, the reflection coefficient for Figure 4E.2 is



. | &.~Z
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Figure 4E.2 A two-port circuit (shunt)

Also, from the voltage across port 2,

Z |z
| L E
Z+Z1Z " 2(z12
S, =——=—F F__*J =§
= E ZAE 12, o
2

(3) Transmission Line (Figure 4E.3)




Figure 4E.3 A two-port circuit (transmission line)

The reflection coefficient when port 2 is terminated by Z, is

zﬂl A zﬂl
Sn = 7 ¥Z =2
Also, as the voltage at port 1 is
EI!J
=%
The voltage V; is delayed by the electrical length 6 and appears at
port 2. Thus,
E ..
o
—i@
5, = E e’ =5,
2
Example 4.2

Verify the S-parameter calculation of the transmission line in Example
4.1(3) using AC simulation.

Solution
Set up the schematic shown in Figure 4E.4 below:
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; R=500hm - GHz
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i TL1
R=50 Ohm Z=50.0 Ohm
+ E=90
) Vac=polar(2,0)V R=50 Ohm
Freq=freq
1 .
AC
vi2 v22 ACT
—eo—| | ® AN/ Start=0.1 GHz
TL2 b
7=50.0 Ohm R=50 Ohm
E=90

Stop=1GHz
Step=0.1 GHz
I sre2
Vac=polar(2,0) V
Freq=freq

Figure 4E.4 Circuit for the verification of transmission-line S-parameters.
The values of the two AC voltage sources are set to 2, S;; =v11—-1,S,; =

v21,S;,=v12,and Sy, =v22 — 1.

From Equation (4.17), the S-parameters become S;; = v11 -1, S,; = v21,
S;>=v12, and S,, = v22 — 1. These equations are then entered in the
display window as shown in Measurement Expression 4E.1:

(Eqn [SOPERSTERY Fqn PSP,
n21=v21 n22=v22-1

Measurement Expression 4E.1 Equations written in the
display window

The computed n11 and n22 are plotted on a Smith chart and n21 is
plotted on a polar chart. The traces appear as shown in Figure 4E.5. Thus,
we can see that, S;; = S,, =0, and S;, = S,; rotates the unit circle clockwise

with respect to the frequency as explained in Example 4.1(3).
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Figure 4E.5 Smith-and polar-chart plots for (a) n11, n22, and (b) n21

4.1.2 Definitions and Properties of S-Parameters

As we saw in the previous section, the voltage S-parameters have been
defined in terms of incident and reflected voltages, but we can also define
current-based S-parameters in terms of the incident and reflected currents. To
avoid a variety of definitions that depend on the choice of voltages or currents,
S-parameters are defined in terms of standardized or normalized incident and
reflected Voltagss that, by squgring d&rectly, give the power as follows:

' D;:- L‘;_
J2Z. 42z,
vyl Vi
\2Z,, | 422, |

(4.20)



In Equation (4.20), the division by (2)”* converts the peak value to the root
mean square (RMS) value. In a case where the phasors V,*, V™ are already
defined as RMS values, (2)” is not required. Now, for the normalized incident
and reflected voltages a, b, respectively, the normalized S-parameters or simply

S-parameters are then defined as shown in Equation (4.21).

-5 <)
= 4.21)
b?_ 521 522 HE

The relationship between the S-parameters and the previously derived voltage
S-parameters becomes Equations (4.22a)—(4.22d).

8. = 2_1 = % = 5 (4.22a)
1lg,=0 1 lvt=o

S E—ln = %%WU = JZ Sn (4.22b)

8. = z—in = %Wﬂ =G (4.22¢)

Therefore, when the chosen input and output reference impedances are equal,
the voltage-defined S-parameters are equal to the S-parameters. Here, the S-
parameters’ definition was based on the real-valued reference impedances.
However, the S-parameter can also be defined for the complex-valued reference
impedances. The details can be found in reference 2 at the end of this chapter.

To see the meaning of the standardized incident and reflected voltages a, b
defined above, first consider |a|?

2 2

|“'11|2 = A = £ (323)
J2Z 87,

Equation (4.23) represents the power delivered to the load when the load
resistance is matched to the reference impedance Z,;. The power given by

Equation (4.23) is the maximum power that can be derived from the source,
which will be explained later in Chapter 6, and is called the maximum available



power or shortly available power. Thus, |a,|* is the maximum available power
that can be derived from the source connected to port 1, and |a,/> similarly
represents the maximum available power from the source connected to port 2.

|52:@

| 4.24)
Also, |b,|? for E,, = 0 is 27,

The power given by Equation (4.24) represents the delivered power to the load
of Z,, connected to port 2 from the source at port 1. In addition, the power

delivered to the input port, or port 1 is shown in Equation (4.25)

1 . 1 . ~(a,-b
ERe(VIII): ~Re J2Z,, (a, +b,) JE—(”i )

Zﬂ'l (425)
= lﬂ1 I2 - |'E’1|2

where |a,|? is the incident power and |b,|? is the reflected power. This means
the available power is incident at the input port and a part of the available power
that corresponds to |b,|? is reflected back to the source. Thus, the net delivered
power to the input is equal to the incident power minus the reflected power.

4.1.3 Ports and S-Parameter Simulation

As we saw in Example 4.2, S-parameters can be obtained through AC
simulation. However, some problems arise when trying to obtain S-parameters
through the AC simulation. First, two identical circuits should be drawn to
obtain the S-parameters. This is significant when the port number increases to n.
A number of n identical circuits should be drawn to obtain n-port S-parameters.
Another issue is that voltage labels are necessary to distinguish a two-port
network from its sources. Ports in ADS eliminate the problems, although in
principle the computation may be the same as an AC simulation. These ports
primarily provide a clear distinction between a two-port network and its sources.
An example of the circuit used to determine the S-parameters for a two-port
network is shown in Figure 4.4.
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Figure 4.4 A two-port network connected to the ports

To understand the ports in the circuit shown in Figure 4.4, when port 1 is
active, it becomes the series connection of source and internal resistance, as
shown in Figure 4.5(a); otherwise, the deactivated ports act only as simple load
resistors, as shown in Figure 4.5(b). In this case, the voltage appearing across all
the ports can be computed, and the S-parameters for the excitation at port 1 can
also be computed, as explained in Example 4.2. After calculation, the computed
results are saved. By repeating this n times for all the ports by activating a port
in the order of the port’s number, the voltages appearing at all the ports can be
computed and saved. With this method, n-port S-parameters can be obtained.



(@) (b)
Figure 4.5 Equivalent circuit for (a) activated and (b) deactivated ports

The necessary parameters to specify for the port are the port number and the
reference impedance. The port number corresponds to Num in Figure 4.4. The
reference impedance is specified by entering the number at parameter Z, which
can be a complex number.

In addition, ports can be used in nonlinear circuit analysis. Figure 4.6 shows a
large signal port. The port number and reference impedance are the same as in
the case of linear ports. However, the large-signal port requires the power level
of the signal, which is specified in terms of power. In Figure 4.6, the power level
is specified by P and it represents the delivered power to the load when the load
impedance is conjugate matched to the source impedance.
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Num=1

)| Z=50 Ohm
P=polar(dbmtow(0),0)
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Figure 4.6 Large-signal port in ADS. P represents the power. When the
port is conjugate matched to the load, the power P is delivered to the load.
The other parameters can be similarly interpreted as is done in the S-
parameter port.

Example 4.3

Use S-parameter simulation in ADS to determine the S-parameters of the
transmission line in Example 4.2.

Solution
Set up the circuit as shown in Figure 4E.6 and perform the S-parameter
simulation.
‘ @ ‘ S-PARAMETERS |
TL1

Term1 £=50.0 Ohm Term2 S Param
§ Num={ £ %0 § Num=2  SP1

2250 0hm "1 GR2 7:500hm  Start=0.1 GHz

Stop=1GHz

— = Step=0.1 GHz

Figure 4E.6 An S-parameter simulation circuit. The S-parameter ports and
S-parameter simulation controller specify the S-parameter simulation.

The S-parameter simulation results are then obtained. For the purpose of
comparison with the earlier results, both results are simultaneously plotted,
as shown in Figure 4E.7. From that figure, we can see that the S-parameter



simulation gives the same S-parameters as those in Example 4.2. It should
be noted that the voltage S-parameters in Example 4.2 are equal to the S-
parameters. Here, n11, n22, and n21 are the results from Example 4.2.
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Figure 4E.7 Comparison of S-parameters obtained with the result of

Example 42! a) Sll and (b) 521

4.1.4 S-Parameter Conversion

S-parameters defined in terms of incident and reflected voltages are
convenient for measurement purposes, but understanding a circuit by means of
S-parameters is usually difficult. On the other hand, Y-and Z-parameters defined
in terms of port voltages and currents can present measurement difficulties but,
because they evolve directly from circuit theory, they offer an easy way to
understand an unknown circuit. In this section, we will see how to convert S-
parameters to other parameters defined by port voltages and currents. We will
also describe how this conversion is handled in ADS. In addition, we will study
what happens to the S-parameters in a situation where the transmission-line
lengths are not 0. In the previous definition of S-parameters, the transmission-



line lengths inserted in the input and output of a two-port network were
intentionally set to 0. We will also find out how the effects of the non-zero-
length transmission lines can be removed.

Figure 4.7 shows a two-port network. In order to find the conversion relation
between S-parameters and other parameters, the relationship between the
incident and reflected voltages and the port voltages and currents is the first to be
found. The relationship is shown in Equations (4.26a)—(4.26d).

Vi=W+w (4.26a)
& - l + i
= =5 = Z_ﬂ("? =V ) (4.26b)
=YtV (4.26¢)
L=hL-1= i(‘r’? - ;) (4.26d)
02
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Figure 4.7 Port voltages and currents, as well as incident and reflected
voltages. The incident and reflected voltages can be expressed using port
voltages and currents.

Using the equations above, the normalized incident and reflected voltages in
terms of the port voltages and currents can be expressed as follows:
i w \I '(1.4’1 + ZDIII )

1

= = (4.27)
v V,+Z I
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L ZZDU L 2427 , y




(V= Y (=241

1 1 ol'1
bl ”22{31 24.||'22ﬂ1
= = (4.28)
bz Vz_ Vz B Zazfz

k"lllzzuz)l L 2427 p

Now, when the reference impedance Z,; = Z,, = Z,, Equations (4.27) and
(4.28) can then be expressed as

a1 (W) _1 (Y,1/Z(h (4.29)
a,) 2z \vi] 242z, \v,] 2V2ly,
b, 1 [ 1 (i) 1 [z (L
= —— = — — == (4.29b)
b,)] 2Z \v;) 222 \v,] 2V2l],

Expressing Equation (4 29) as a vector and substituting the Z-parameter
relationshlp into the equation above, we obtain

,/ (Z+2Z,0)1
2,/22: N zz U} (4.30a)
e ] 4.30b
21!22 \F 22 ) (%.505)

Using Equation (4.30), we can then obtain the following relationship between
Z-parameters and S-parameters shown in Equation (4.31).

s=(z-ZU)(z+ZU)" (4.31)

In addition, substituting the Y-parameter relationship I = YV, the relationship
between Y-parameters and S-parameters is obtained as Equation (4.32).

S=(Y,U-Y)(x,U+Y)" (4.32)

Here, Y, = 1/Z,. Conversely, from Equation (4.31), representing Z in terms of
S, we obtain Equation (4.33).

z=7,(Uu+s)(u-s) 4.33)

Similarly, from Equation (4.32), expressing Y in terms of S, we obtain
Equation (4.34).

Y=Y, (U-S)(U+s) (4.34)



The results of Equations (4.33) and (4.34) are shown in Table 4.1. Also, S-
parameters can be similarly expressed using Y-and Z-parameters, and those
results are shown in Table 4.2. It is also possible to convert S-parameters to other
parameters such as ABCD and H-parameters. Using Equation (4.30), which
shows the relationship between the port currents and voltages and the
normalized incident and reflected voltages, all the conversions are possible.

L-parameters Y-parameters
2, =2 (1+5,)1- 22 )+ 5y gy = (1= 5,)(1+5,) + 545
b= 5,1~ Sy) - SySy T4 8,)(14+5,) - 8,5,
=17 25, Y =25,
Z —
* "(1=5,X1-5,) =55, il (145, )(1+5,) = 5,5,
7 25, Y =25,
z =
% A= 511 )1 - Szz) - 521512 L L+ 511)(1 + 522:' 2 12
. - (1-5,)1+5, }+521 12 e (t +8, X1 = 5;) + 5,5
2 R T R s 2014 S8y ~550

Table 4.1 S-parameters converted to Z-parameters and Y-parameters



L-parameters Y-parameters

§ = (zy = Z )z + Z,) - zy7;5 § = (Y, =y MY, + yp) + ynyy
n= n =
InZp T Ity Yl — Yio¥n
27z, ¥y,
512 = o Su e
Zpip ~ Ipiy YuYn = Yln
27 z, 2y,
5, = LA S, = -
Infp ~ Ipiy Yal¥p ~Yiol¥n
g - (zy +Z Nz = Z) - 22, g - (Y, +y, MY, = ¥p) + ¥ ¥y
2 Zpnip ~Ipiy z Y¥Yn ~ Yola

Table 4.2 S-parameters converted from Z-parameters and Y-
parameters

Example 4.4

Using the results in Table 4.1, determine the input impedance Z;, of the

two-port network in Figure 4E.8 with S-parameters for the load impedance
Zy; (1) Zp =, (2) Z, = 0, and (3) Z;, = Z,.

2-Port Network
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tn
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e~

21 22

n




Figure 4E.8 A two-port network terminated by a load
Solution
When Z; = oo, from the definition of the Z-parameters, the input
impedance is Z;, = z;;. Thus, expressing z;; in terms of the S-parameters in
Table 4.1,
(1+5,)(1-5,)+5,5

7 P, 12721

" i (1 - 511)(1 - 522) = 515y
When Z; =0, Z;, = 1/y;; and expressing this in terms of the S-parameters
of Table 4.1,

i: 7 (1+S11)(1+522)_S12521
¥n D(1_511)(1+522)+S 5

12721

Z =

m

When Z; = Z,, the reflection coefficient at the input is S;; and thus

162 5

Z =2
“1-5

M

n

4.1.5 Shift of Reference Planes

Figure 4.8 shows a two-port network that includes non-zero transmission lines
at the input and output ports. We will now examine the S-parameters for this
situation. In practice, when conducting S-parameter measurement, finite-length
transmission lines are unavoidably inserted in the setup. These transmission lines
can be considered as the two cables inserted between the S-parameter test set in
Figure 4.2 and a DUT. The lines provide an easy connection to the DUT.
Because we want to obtain only the S-parameters of the DUT, we need to
remove the effects of the transmission lines inserted during measurement. This
process is called calibration. In practice, calibration is a complex procedure that
involves more than simply removing the effects of transmission lines from the S-
parameters. However, the removal of the transmission-line effects from S-
parameters, which will be described later in this chapter, is very close to the
practical network analyzer calibration.
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Figure 4.8 S-parameter measurements with non-zero transmission lines
included

Let the electrical length of each of the transmission lines inserted in the input
and output ports of the DUT be 6; and 0,, respectively. In addition, let the

reference impedance for S-parameters be equal to the characteristic impedances
of the transmission lines. In this case, there is absolutely no reflection between
the source and transmission lines. Also, let the normalized incident and reflected
voltages at the ports of the DUT be a’¢, b’; and a’,, b’,, respectively. Finally, let

the normalized incident and reflected voltages at the ports of the two-port
network defined by the dotted-line rectangle in the figure be a;, b; and a,, b,

respectively. Then, the following relationship in Equation (4.35) holds:

a, :11-?._"'9 !
= . (4.35a)
a, ae ™
b)) (be™
= . (4.35b)
E'_:; bz Eﬂ'z
The S-parameters of the DUT are shown in Equation (4.36).

i) \su sula

[



Now, if we substitute Equation (4.35) into Equation (4.36), we obtain
Equation (4.37).

b)) (be™ s S, \(ae™
1 i 1 | i 11 12 1 | ( 43?)
b, b, ol e a, e L
Rewriting Equation (4.37), the S-parameters of the DUT that includes
transmission lines result in Equation (4.38).

b S’ E—2j91 5’ E_JI:(QIHE) a
[1]: {HMJ 1 . > (4.38)
b ) B gt e

2 22

Therefore,

[511 512] 4 S;‘_I.E_zjel S_sz_j{91+92] (4 39)

ey RN , -2/8
521 522 521‘3 s Szzf :

We can provide a physical interpretation for the result of S;; from Equation
(4.39). The incident voltage a; traverses the input transmission line of length 6,
reflects from the DUT, and returns through the input transmission line.
Consequently, S;; has a phase delay equal to e~%%; with respect to S’;; due to the
phase delay from the round trip, and S;; can be expressed as S11e 4% . Similarly,
S,; also experiences a phase delay equal to traversing both the input and output

transmission lines, and consequently S,; lags S5 by a phase delay equal to (%,
*9) Therefore, if we know the electrical lengths of the input and output

transmission lines in advance, we can determine the S-parameters of the DUT
from the measured S-parameters of the DUT that includes the transmission lines.
In addition, the S-parameters of the DUT that includes the transmission lines
have the same magnitudes and |S;[ = [S’;[. This means the magnitudes of the S-
parameters of the DUT that includes the transmission lines do not change; only
the phase changes. Therefore, when the only concern is to measure the

magnitudes, the property of | S*! ‘J is useful. For example, in measuring the
gain |S,,|%, the transmission lines will not have any effect on the measured results
if they have no losses.

In practice, to remove the effect of the inserted transmission lines, we need to

know the electrical lengths and impedances of those lines. These can be
determined from the open- and short-circuit method discussed in Chapter 3.



However, the inserted transmission lines are not ideal transmission lines as
described above. For example, they do not have the same impedances as the
reference impedances (source mismatch), they also have some losses that cannot
be neglected (loss from source to port 1), and so on. Thus, removing the effects
of the transmission lines may not be as simple as described, but it can still be
done through a similar method called calibration. Typical calibration methods
include OSL (open-short-load) as well as the calibration method suitable for
microstrip lines called TRL (thru-reflect-line). Please refer to references such as
3 at the end of this chapter for detailed descriptions of these calibration methods.

Example 4.5

The circuit in Figure 4E.9 is a series resonant circuit in which the input
and output transmission lines are inserted both at the input and the output.
Given that the input and output reference impedances for the S-parameters
of the circuit in Figure 4E.9 are equal to the characteristic impedances of
the input and output transmission lines, compute the S-parameters and draw
|S;;]- Using the measured |S;;|, the circuit-element values of L and C can be
determined. This method is frequently used to determine the circuit-element
values. Explain how to extract the circuit-element values from the measured
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Figure 4E.9 Series resonant circuit with two input and output transmission
lines



Solution

We can find the S-parameters of the series resonant circuit in the shaded
area without the transmission lines. Then, the desired S-parameters are
found by shifting the input and output reference planes by 6, and 6,,

respectively. The S-parameters of the circuit without the transmission lines,
from Example 4.1(2), are

S g Z,1Z,-2,

“_ﬂ_zﬁzﬂ”zp
2(Z |1 Z

o s . 2z12)

Substituting S;; and S,;, and then rearranging,
-

2~ 14 2j05
_ _2jQ

2 1+2jQ8

Next, applying the shift of the reference planes, the S-parameters become

5. =58

11

5,=5

21

S :_—18—21'91;5 :_—13'2f91
T 2jQé e 2jQé

e 2§08 e +e)
=8y = 1+2j05°

Both S;; and S, give the same results when their magnitudes are plotted.



The transmission lines yield only simple phase delays from the shift of the
reference planes. The |S;;| is sketched in Figure 4E.10. When S;; and S,,

are measured, the Q can be determined from the 3-dB bandwidth, as shown
in Figure 4E.10.

>/
/ Ve

Figure 4E.10 Measurement of Q. BW is the 3-dB bandwidth and Q can be
computed by f,/BW.

Since the 3-dB bandwidth here becomes 2Q-6 = +1, we can see that Q is

e B
f i f 1 BW

Now, using the measured Q and the resonant frequency, the circuit’s L
and C values can be determined from the following equations:

QZ 1
o i
20’ w’L

L=

Therefore, the equivalent circuit values can be obtained using only the
scalar measurement of |S;;| without resorting to a vector measurement.




4.1.6 Insertion Loss and Return Loss

In this section, we will discuss the insertion loss and return loss of the two-
port network. Previously, we found that the maximum available power can be
delivered to the matched load. When a two-port network, represented by S-
parameters, is inserted between a matched source and a load, as shown in Figure
4.9, the power delivered to the load P; is less than the maximum available power

P,. The ratio of P; and P, is called the insertion gain and the inverse of the ratio
is called the insertion loss. The insertion gain is defined in Equation (4.40).

p{
=5 - (4.40)
. HQ 2-Port Network Py (b,)
. P >
B.(by)

Sl] 512 Z, § V,

S Sy '
E P;an’ -

Figure 4.9 Insertion and return losses

Suppose that the S-parameters of a two-port network are measured based on
the reference impedances Z, and the source and load impedances are also Z,.

Then, the insertion gain becomes Equation (4.41).

uf
Rz, Pl e @.41)
PA |H1|2 |H |2 21

1
Therefore, |S,;|° is equal to the insertion gain.

On the other hand, for maximum power delivery to the load, the reflected
voltage should be 0; that is, b; = 0, as shown in Figure 4.9. However, when the

two-port network is inserted, the maximum available power from the source is



generally not delivered to the input port, and a part of the maximum available
power is reflected due to mismatch. Thus, the reflected power P, divided by the

maximum available power P, is defined as the return gain, the inverse of which
is called the return loss. Thus, the return gain is defined in Equation (4.42).

P
i L (4.42)
RL. P,
In addition, the return gain using S-parameters is shown in Equation (4.43).
2
P b
e T u = |5n|2 (4.43)
Pa a

Note that S;; represents the reflection coefficient that appears in Equation

(4.19). The reflection causes a standing wave and VSWR can be used as the
metric for the reflection phenomenon in place of S;; or the return loss. As

VSWR = Su
1-|S

defined in the transmission line, VSWR can be defined as 11|

In summary, the insertion of a two-port network causes the input reflection
and |S;;|> represents the return loss. Similarly, the insertion of the two-port
network prevents the maximum power delivery and |S,;|* represents the insertion
loss. If a lossless, passive, two-port network is inserted, there is no loss in the
two-port network. A portion of the supplied power is reflected and the remainder
is delivered to the load from the supplied power. As a result, the sum of the two

powers should be equal to the available power due to power conservation. Thus,
in Equatlon (4.44 44), we can see that the following relationship is satisfied:

|S I & |521’ (4.44)

Example 4.6

When a lossless, passive, two-port network is terminated by Z,, as shown
in Figure 4E.11, VSWR = 2 is measured at the input side at frequency f,,.



Lossless 2-Port
Network

511 Sl2 Z,
S Sy

VSWR =2

Figure 4E.11 A lossless two-port network terminated by a load

What is the VSWR at the output side when the input is terminated by Z,?

Also, what is the insertion loss? The S-parameters of the two-port network
are measured using the reference impedance Z,,.

Solution

From the relationship between the VSWR and the reflection coefficient,
VSWR-1 1

5] = VSWR+1 3

Since it is a lossless network, Equation (4.44) should be satisfied.
Therefore, the insertion gain is

8
Sl =1~

11|

This is expressed in decibels as 0.5 dB. In addition, when the source is
placed at the output, the following relationship is satisfied at the output:

1So0l? + [S12]% = 1S3> + 1S9 =

Because the two-port network is passive, reciprocity holds, S;, = S,;, and

we obtain

1
11| =3
Thus, the output VSWR is 2, which is the same as the input VSWR.

S| =15

o =




4.1.7 Input Reflection Coefficient

Figure 4.10 shows a two-port network terminated by a general load. The load
impedance is different from the two-port, S-parameter reference impedance. In
this case, the input reflection coefficient is different from S;; due to the presence
of a, as a consequence of the load mismatch at the output. The input reflection
coefficient depends on the load impedance, as shown in Example 4.4. In this
section, as a generalization, we will present the input reflection coefficient when
a two-port network is terminated by an arbitrary load I';.

a, a,

- > iy
"y 2-Port Network AV
b b,
Sl] Slz
SZI SZZ FL
o

[

I

Figure 4.10 Input reflection coefficient for a mismatched load at port 2

From the load condition, we obtain a, = I';b,. From the relationship at the

output given by S-parameters, a, becomes
], IS
b, = I_—Luz =S58, +5,8, 2> a, = 1-sr —LS;TL a, (4.45)

Substituting Equation (4.45) into the input S-parameter equation, the
reflection coefficient looking into the input, I, is obtained as

i b_1 s S11'ﬂ1 + 512‘12 = e m (4.46)
= a M =BT

1 1 =227 L

in

When I'; = 0 (the case of a matched load), we see that I';, in Equation (4.46)
becomes equal to S;;. To interpret Equation (4.46) in another way, we can write
that equation into an infinite series as



Ty = 5, + TS, (L +(5T0) + (ST ) + ) (4.47)

The interpretation of Equation (4.47) is shown in Figure 4.11, where S;;
represents the direct reflection at the input. The term I'}.S;,S,; is the result of the
multiplication of a forward transmission to the load S,;, followed by a reflection
from load I';, and a back-transmission to the input S;,. The terms in () represent
the multiple reflections between port 2 and the load I';, and they leak out to the

input through multiple reflections that occur as a consequence of the mismatch at
the output.

I
Port 1 Port 2 Load
]
\\ §2|
S
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SIZ*EZIFL Sal'y
L
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8128381 / :

Figure 4.11 Analysis of the input reflection coefficient due to multiple
reflections

Similarly, when a mismatched source impedance is connected to the input, the
reflection coefficient viewed from the output is given by Equation (4.48).

b I'S..5

ruut =2 = 522 2 o (448)

2 L=8 I



4.2 Noise Parameters

4.2.1 Expression of Internal Noise

A two-port network generally has internal noise sources. As a result, both the
externally applied signal sources and the internal noise sources appear together
at the input and output of a two-port network. Due to the internal noise sources,
the externally applied signal sometimes gets buried under the noise power level
if it is weak, which makes it difficult to detect the externally applied signal. For
the expression of the internal noises, we must understand the physical
characteristics of those noise sources and model the two-port network that
includes the internal noise sources. The modeling method of the internal noise
sources is to represent the internal noise sources by two equivalent external
sources applied to the two-port network. In this section, we first explain how to
represent the internal noise sources as external equivalent sources. To do this, the
sources need not be noise sources because the noise sources are also a kind of
voltage or current source. We will consider a general two-port network that has
internal sources.

Figure 4.12(a) shows a two-port network with internal sources. Suppose that
the external voltage sources V; and V, are applied to the input and output of the

two-port network with internal sources. Let the currents flowing in the input and
output ports be I; and I,. Then, the currents I; and I, are the superposition of the

currents due to both the internal sources and the external voltage sources V; and

I v, v, (V. L
1 o 11 12 1 e 1 (449}

V,. Thus, I, Y Y\ Vs 2
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Figure 4.12 Treatment of internal noise sources of a two-port network: (a)

two-port network having internal sources and (b) internal sources extracted
to the outside of the network

The first term on the right-hand side of Equation (4.49) represents the current
due to the external voltage sources V; and V,, while the second term, i,;, i,5,

represents the currents due to the internal sources. Although written in lowercase
letters, it must be noted that the second term represents phasors.

Figure 4.12(b) shows the equivalent circuit of Figure 4.12(a). Using Equation
(4.49), we can determine the currents due to the internal sources alone by
removing the external voltage sources. This can be done by short-circuiting the
ports and then measuring the currents flowing into those ports. If the short-
circuited currents are placed outside of the two-port network, as shown in Figure
4.12(b), all the internal sources in the two-port network should be removed,
which is also shown in Figure 4.12(b), because the short-circuited currents
reflect the contributions of all the internal sources. As a result, all the internal
sources can be represented by the external current sources outside the two-port
network. Thus, the circuit in Figure 4.12(b) can be considered as a general two-
port network with the internal sources. In this way, although the two networks in
Figures 4.12(a) and 4.12(b) are different, they provide the same voltages and
currents to the external circuit connected to the two-port network. In addition, it
is worth noting that an internal source can contribute to both i; and i,,. In other

words, some portions of i,,; and i,, come from the same internal source.

Similarly, if the externally applied sources are current sources I; and I,, the Z-



matrix representation can be used instead of the Y-matrix representation. Then,
the internal sources can be represented by the two equivalent external voltage
sources v,; and v,, connected in series to the ports. Using the same method,
there are various ways to represent the internal sources by the external
equivalent sources placed outside of the two-port network, all of which depend
on the expressions of the two-port network. Of these expressions, the ABCD-
matrix representation (depicted in Figure 4.13, with internal sources extracted to
the input of the network) is useful in noise calculation.

I, +
Sourceless O
e 2-Port Network

O
+

v 4 B v,
z C D

O —O

Figure 4.13 Internal source extraction using ABCD parameters

The relationship between the extracted external sources can be obtained
similarly to the two-port parameter conversion. Basically, the extracted external
sources should have the same effect on the rest of the connected circuit
irrespective of their representations. Given this fact, the relationship between the
externally extracted sources given by Y-parameters and those given by the
ABCD parameters can be obtained. Thus, when the input and output are shorted,
both representations should yield i,; and i,, at ports 1 and 2, respectively, and

they are expressed as Equations (4.50) and (4.51).
iy Sd=Ye (4.50)
L, =l (4.51)
As shown previously, the relationship between the other external equivalent

sources that is expressed using different two-port parameters can be similarly
derived.



4.2.2 Representation of Noise Signals

4.2.2.1 Basic Concept Now let us consider a situation in which the extracted
external voltage and current sources are noise sources. When the voltage of a
noise source is measured in the time domain, a random waveform such as that
shown in Figure 4.14(a) is observed. When this voltage is remeasured, a
waveform different from the previous waveform will be displayed. A noise
waveform obtained from one measurement trial is called a sample function and a
collection or set of all the sample functions is called an ensemble.



»V

(b)
Figure 4.14 (a) Noise signal with respect to time and (b) probability
distribution function at ¢,

Let the value of a sample function for a noise source at time t; be v(t;), as
shown in Figure 4.14(a). The repeated measurement of v(t;) at t; for other

sample functions will give a different value. Repeating such a process will lead
to a probability distribution described as a probability density function (PDF),



f(v). Function f(v) can be interpreted as the probability that the voltage v(t;) is

observed. An example of such a PDF is shown in Figure 4.14(b). Now, at the
measurement time t;, the mean voltage and mean power can be expressed in

Equations (4.52) and (4.53) using a probability density function as follows:

E(o(t,)) = [ o(t,)f (v)do (4.52)
E(o*(t,) = [ o*(1,)f (v)do (4.53)

Note that the mean voltage and mean power are measured in the open-circuit
condition. The mean power given by Equation (4.43) does not represent either
the delivered power to the load or the available power. Since the squared voltage
is proportional to power, it is called the mean power.

It should be noted that the mean voltage and mean power are based on the
statistical average of sample function values at t;, called the ensemble average.

In general, noise sources have a PDF of the Gaussian distribution function with a
0 mean and a standard deviation v, and can be described as shown in Equation

(4.54).

o™ (4.54)
vAN2m

fle) =

In most cases, of the noises that we treat, the PDF will be the same even if a
measurement time is changed from ¢; to t,. In addition, noise sources, regardless

of measurement time, have the same mean and standard deviation. If the PDF is
measured at two different times, t; and ¢, are the same, and the correlation

between the two measured voltages depends only on ¢, — t;, these noises are

called a stationary process. If we consider the noise sources we usually
encounter, we find that they are mostly stationary processes.

Figure 4.15 shows various kinds of noise waveforms. Figure 4.15(a) is a
stationary process noise whose mean voltage and mean power at any time do not
vary over time, whereas Figure 4.15(b) represents a noise waveform where the
mean voltage varies with respect to time. Figure 4.15(c) shows a noise signal
whose mean voltage does not vary with time but the mean power does vary over
time. Therefore, (b) and (c) are nonstationary processes because their mean
voltage and mean power vary over time.
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Figure 4.15 Noise signal with time: (a) stationary process and
nonstationary process, (b) mean voltage changes, and (c) mean power
changes with time

Among the stationary processes, the concept of an ergodic process is useful
when measuring the mean voltage and mean power of a noise signal. To explain
the ergodic process, suppose that a certain value of the voltage v is observed at
t,. If the occurrence of v at t, is not influenced by the voltage occurring at t;, the

probability of observing a voltage of v at an arbitrary time t will be equal to the
probability of observing the voltage v at t;. In this case, the PDF for repeated

trials over time will be the same as the PDF from the ensemble and the following
relation in Equation (4.55) holds:

flo)ro = lim%Z(ﬂf)ﬂ (4.55)

T—m

Here, T is the total measurement time interval and (At), is the time interval in

which voltage value v is observed. This kind of process is called an ergodic
process.

In the case of an ergodic process, the time averages for a sample function can
replace the statistical averages. The statistical mean voltage and mean power
given in Equations (4.52) and (4.53) can therefore be obtained by computing
their time averages as shown in Equations (4.56) and (4.57).

E{t:(tl)} = J._a;t:(fl )f(t:)df! = T];ﬂ% Eif!(f)df = <z=(f)> (4.56)
E{zlz(f_l )} = J_if’z (t, )f(tf)dtf = T]_1_1'}1;1“% .:ijzfiz (f)dt = (t:z (f)> (4.57)

Here, <*> represents the time average. Generally, the ergodic process becomes
a stationary process. However, in many stationary processes, within a very short
time the occurrence of the voltage value at t; influences the occurrence of the

voltage value at ¢, and most of the noise signals are not ergodic processes. In

other words, there is some correlation between them. However, if the voltages
v(t;) and v(t; + 1) occur with a sufficiently large time difference t = ¢, — t;, there

is no correlation between them. Thus, the two voltages widely separated in time
can be seen to be independent, and this frequently happens in measurement.
Consider two sets of sample functions: One is a noise sample function that is
measured over a long period T. The other sample function is measured over the
same period of T but the period’s starting time is sufficiently separated from the
previous measurement period. Similarly, multiple sets of the waveforms over the



period T can be built. These sets for the period T can be thought of as
independent or as an ergodic process because they have no correlation.
Consequently, these sets are equivalent to the collection of sample functions
obtained from independent trials and these sets can be used in place of an
ensemble. As a result, the statistical averages necessary for mean voltage and
mean power can be obtained using these sets. The statistical average is actually
computed using one sample function. This is the case for most noise signals and
it is used to measure the ensemble averages, such as mean voltage and mean
power.

4.2.2.2 Spectrum Analysis of Noise Signals In circuit analysis, spectrum
analysis is preferred to time-domain analysis. When the time-domain noise
waveform is truncated between [-T1/2, T/2], as shown in Figure 4.16(a), the
truncated waveform can be expressed as shown in Equation (4.58).

e(f) —% <t< %
er(t) = (4.58)

0 |f|:::-E
; 2
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Figure 4.16 (a) Truncated noise signal and (b) its Fourier series

The spectrum for e(t) can be obtained using either of two approaches. One is



to take the Fourier transform of e(t) and T is made to approach infinity; that is,
T . The other is from the Fourier series of ef{(t), in which the periodic
waveform is defined using e(t) as shown in Equations (4.59a) and (4.59b).

T i
e (t) = e(f) for — E e E (4.59)

e (t+nT) =e.(t) (4.59b)
This can be expanded in the Fourier series and the spectrum of e{(t) can be
obtained by making T approach infinity.

Mathematically, the Fourier transform is considered to be a rigorous approach;
however, the second approach is much closer to actual measurement. Thus, the

Fourier-series method has been adopted by the IRE committee.2 Now, the
Fourier series of ef(t) can be given by Equation (4.60)

2. IRE Subcommittee on Noise, “IRE Standards on Methods of Measuring Noise in Linear Two
Ports, 1959,” Proceedings of the IRE 48, no. 1 (January 1960): 60—68.

e, (t) = i E, (w)™ (4.60)

where Equations (4.61a)—(4.61¢) are
® = 21 - mAf (4.61a)
1
AN == (4.61b)
i3
T & ;
E (o) = = [Z e (t)e ™ at (4.61c)

2

Figure 4.16 shows the E{w) of the Fourier series.

Thus, 2E{w) can be interpreted as the phasor of frequency mAf. Since the
period of e4(t) is T, note that the frequency resolution is given by Af in Equation
(4.61b). Thus, the resolution frequency Af is determined by the measurement
time T. To make Af small, a long measurement time is necessary.

Since the noise has been expanded in the Fourier series, as given by Equation
(4.60), note that E{w) becomes a random variable. A sample waveform of e(t)
for a period T will determine a sample E{(w). Another ej{t) measured for
another period T will yield a different value of E{w). Thus, every measurement
for T, Ef{w) obtained from the Fourier series of ef(t) yields different values.
Therefore, E{w) is the random phasor of a noise at a frequency w = 2n(mAf)



and its mean voltage and mean power should be determined by the statistical
average of the Fourier series of ef(t). In addition, as explained previously, every

sampled e(t) after a sufficiently separated time has elapsed has no correlation.
All the waveforms of e{(t) measured over period T can be seen to be an ergodic
process and can be thought of as the sets of the sample functions of e(t) from
independent trials. Therefore, E{w) can be determined by the time average of
the Fourier series of ef(t) for each widely separated time.

In practice, the measurement hardware based on the Fourier series is difficult
to implement. A practical way to measure E{w) is to pass a noise signal through

the bandpass filter of bandwidth Af centered at w = 2nf, as shown in Figure 4.17.
Note that the filter output differs from the previously defined E{w) by a factor

of 2 because the Fourier series in Equation (4.60) is two-sided, while the
spectrum measurement in Figure 4.17 is one-sided. Also, the filter output is
continuous and it is denoted by E’(w). The E’{w) is the filter output E’(w)

sampled on the time interval T. The value of E’{w) can be determined from the
amplitude and phase of the sampled filter output. The time averages of E’{w)

can be obtained from the successive samples defined over T, which are
sufficiently separated and they correspond to the statistical average values of
E’{w). The dependence of E’{w) on w can be found by sweeping the center

frequency of the filter. However, the phase of E’{w) is often difficult to measure

because the filter output is usually connected to a power detector that measures
an amplitude of E’{w). Generally, the mean value of |[E’{w)| can be measured.

Now, because the spectrum is defined as the power per unit bandwidth, the one-
sided power spectral density W,(w) can be expressed as Equation (4.62).

W () - GE’E{")‘ ) <E':"$’)‘ )

W/ Hz] (4.62)
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Figure 4.17 Noise spectrum measurement

In conclusion, the noise signal can be spectrally decomposed and we can
analyze a circuit with noise sources using noise phasors in a frequency domain.
The spectral average noise power can be measured using a bandpass filter and its
power spectral density is given by Equation (4.62). This measurement is
illustrated in Figure 4.17.

4.2.2.3 Thermal Noise Thermal noise arises as a result of the random motion of
electrons in a resistive device. An example of a thermal noise waveform would
be the waveform shown in Figure 4.15(a). Thermal noise was first discovered by
Johnson from experiments he conducted in 1926 and was later explained
theoretically by Nyquist in 1928.

Thermal noise is a stationary process and is known to have a zero mean
voltage and Gauss distribution. In addition, for a time difference 7 not equal to 0,
the voltages v(t) and v(t + 1) of the thermal noise are completely uncorrelated
and they can be categorized into an ergordic process. In addition, its mean power
spectral density is known to be constant regardless of frequency. The mean
power of an open-circuited resistor R is expressed in Equation (4.63)

(v*) = 4kT,RB (4.63)

where B is the bandwidth of the instrument measuring the thermal noise
voltage and T, represents the temperature of the resistor in Kelvin. As B
approaches oo, the measured thermal noise power also approaches oo.

Now consider the mean of the thermal noise power. After the thermal noise

passes through the bandpass filter of bandwidth Af, the mean power of the
filtered output is equal to



(o))

et

Note that E’ (w) is the rms value and only positive frequency power is
accounted for in Equation (4.64). Conversely, using the mean spectral noise
power, the equivalent thermal noise resistance R, can be defined in Equation

(4.65).

— AKTR (4.64)

R :M (4.65)
AT

Now, taking into account the negative frequency spectral density, the mean
spectral density can be expressed as shown in Equation (4.66).

2
( ()
W,(f) = oA
Af
Since the thermal noise has a constant power density regardless of frequency,
it is called white noise. In addition, the mean available power within a bandwidth
B for a matched load is expressed in Equation (4.67).

4kT RB
o = 4.67
= = kI,B [W] (4.67)

= 2kTR [W/Hz] (4.66)

P =

Example 4.7

Figure 4E.12 shows a circuit in which two noisy resistors are connected
in parallel. The voltage sources v; and v, represent the noise voltages
appearing at resistors R; and R, respectively. As a result, the two resistors

in Figure 4E.12 are noiseless resistors. The equipment of the bandwidth B is
connected to the output to measure the mean noise power. What is the mean
power of v, within a bandwidth B?



Vi v

Figure 4E.12 Parallel resistance circuit
Solution

Since there are two sources, we can calculate the output voltage using
superposition. The output voltage due to each source is
RE R‘l
LR e g s

The output voltage then becomes v, = v,; + v,,. Since the two sources

are independent,

2 2
LEE(UIE) + LEE(%)
(R, +R2) (R, +R2)

Substituting E(v,?) = 4kT,R;B and E(v,?) = 4kT,R,B,

E(0?) = E(e% )+ E(@,) =

R
E(o?) = 4T B2
(R1 + Rz)

is obtained. Note that the result can be obtained by inspection. Since the
resistance looking into the two resistors is R;||R,, we see that the power

above becomes the mean thermal noise power of R;||R,.




Example 4.8

An attenuator is a device that reduces the input power and delivers it to
the load. The attenuator also provides the impedance Z;, = 50 Q when the
attenuator’s input or output is terminated by a resistor R, = 50 2, as shown
in Figure 4E.13. In that figure, the noise voltage of R, is extracted as noise
voltage source v;. What is the maximum available noise power at the
output?

O
Iy Attenuator
—e
RG‘
Vi |

O

Z in Ro

Figure 4E.13 Attenuator connected to termination R,
Solution

Since the resistance looking into the terminals is still 50 ohm, the
available power is achieved when a 50-Q load is connected. From Example
4.7, it can be found that the attenuator generates the same thermal noise as a
50-Q resistor. Thus, the available power within a bandwidth B becomes

P, =kT,B

This is equal to the available noise power from a 50-Q2 resistor. As a
result, the available noise power kT B applied to the attenuator from the 50-

Q termination resistor is reduced, but because the attenuator itself is made
from resistors, the internal noise contributes to the available output power.
The internal noise power is exactly equal to the amount of the input noise

power decreased by the attenuator, and the resulting available power is the
same as the input available noise power.




4.2.3 Noise Figure

Noise factor is a figure of merit that represents the noise performance of a
two-port network. As previously mentioned, a two-port network usually has
internal noises. When a load is connected to the two-port network, both the
external source and the internal noise sources contribute to the power delivered
to the load. A definition for a noise factor would be the ratio of the actual
delivered power to a load to the delivered power to the load from an external
source alone. As an external source, a thermal noise source of room
temperature, T, = 290 °K is used. Note that if a high-temperature external noise

source is applied, the ratio becomes close to 1. Since the temperature of the two-
port network is fixed, the internal noise sources provide only a small amount of
the actual delivered power to the load compared with the high-temperature
external noise source, and the ratio is close to 1. Thus, a definition of the noise
factor without specifying the external noise source temperature depends on
temperature. As a result, the noise factor is defined in Equation (4.68).

Actual noise power output to load
MNoise factor = P us

Power output due to noise source of T, = 290°K (259)

The defined noise factor obviously depends on frequency because the internal
noise sources generally deliver a frequency-dependent noise power to the load.
To measure the frequency response of the noise factor, a narrowband filter that
can sweep the center frequency is inserted, as shown in Figure 4.18. Thus, the
frequency response of the noise factor can be obtained. It is worth noting that
kT Af in Figure 4.18 represents the available power and does not represent the

magnitude of the noise’s current source. Such an expression is often used
because it enhances intuitive understanding.

Thermal Noise

Source Load
? Filter
DUT f
2r, | 3
B=Af

kT Af



Figure 4.18 Noise factor measurement

The noise figure is the noise factor expressed in decibels and is thus defined as
shown in Equation (4.69).

F = 10log(noise factor) (4.69)

Based on the definition in Equation (4.68), alternative expressions that are
useful in the computation of a noise factor can be derived. Because Equation
(4.68) is the ratio of powers delivered to the same load, another expression can
be derived by representing the circuit with a Norton equivalent circuit. When the
circuit seen from the load is transformed into the Norton equivalent circuit, the
Norton impedance is not affected by the internal noise sources or by the external
source. The Norton impedance represents only the function of the source
impedance. The change due to the internal sources appears only in the Norton
current source. The external and internal noise sources contribute to the value of
the Norton current source but have no effects on Norton impedance. Thus, the
noise figure is independent of the load impedance; it depends only on the
impedance looking into the output of a two-port network, which in turn is a
function of the external source impedance alone. Since it is independent of the
load impedance, we pick a load that is matched to the equivalent Norton
impedance. Then, the noise factor can be expressed as Equation (4.70).

Noise factor — Available noise power from the output of device

(4.70)

Available output power due to noise source of T,

Let available power gain G be defined as shown in Equation (4.71).

G- Available power from the output @71)
Available power from the input '

Since the available power that can be obtained from the thermal noise is
kT Af, the denominator of Equation (4.70) becomes (kT,Af)G. Therefore, the

noise factor is also expressed as
pﬂﬂ
5 B © @72)
KTAG ~ KTAf

Here, P, is the available power at the output. The kT Af in Equation (4.72) is
the available thermal noise power at the input. Since P, /G is the equivalent

available noise power at the input, the noise factor can also be expressed as
Equation (4.73).



Equivalent available noise power at the input

Noise factor = (4.73)

Availabe power from noise source of T

Therefore, the equivalent noise power available at the input becomes FkT Af.
In addition, since the available power from the thermal noise source is kT, Af, the
available input noise power due to the DUT can be expressed as (F — 1)kT Af
because the two sources are independent or uncorrelated. This is illustrated in
Figure 4.19, where the two current sources are shown. One is the current source
from the thermal noise source and the other comes from the internal noises of the

two-port network. This type of representation is useful for the noise-figure
computation of cascaded two-port networks.

4 4

OO x| | 3z

kT Af (F—1)KT Af

Figure 4.19 Representation of the DUT noise using the input equivalent
noise

Now we will consider what happens when two signals, signal and noise, are
applied to the input of the two-port network. The two signals at the input are
shown in Figure 4.20. The available power of the input signal is S; and the

available noise spectrum density is N; (= kT,). Similarly, the available signal
power at the output is S, and the output noise spectrum density is N,. From the
definition of available gain in Equation (4.71), G = S/S;. Then, the noise factor

in Equation (4.72) can be seen to be the ratio of the signal to the noise ratio of
the output to that of the input as in Equation (4.74).

NI:'
po_ B _ BS _ 5 4.74)
kKIAGG kT A5, N,

L
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Figure 4.20 The input and output spectrums of a two-port network

4.2.4 Expression of Noise Parameters

The noise figure represents the noise contribution of a two-port network to a
load compared with an external noise source at T,. However, the noise figure

changes when the source impedance changes because the Norton equivalent
circuit to the load depends on the source impedance. We need the noise
parameters in order to be able to find the dependence of the noise figure on the
source impedance. To achieve this, the internal noise sources of the two-port
network are extracted to the outside of that network, as shown in Figure 4.21(a),
a procedure that was previously explained in Figure 4.13. From Figure 4.21(a),
two noise sources, e and i, appear together with the external noise source ig. The

two noise sources and the external noise source can be combined into a single
Norton current source, as shown in Figure 4.21(b). Using the resulting circuit in
Figure 4.21(b), the noise power at the output can be calculated. It is worth noting
that the directions of the voltage and current in Figure 4.13 are changed.
However, the result is same.



External

Noise Source Equivalent

Noise Source
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Figure 4.21 (a) Equivalent circuits at the input including the noise sources
of the two-port network and (b) its Norton equivalent circuit

The noise sources e and i are random noise phasors and these sources are not
completely independent. Some internal noise sources in the two-port network
commonly appear at both e and i, while others appear only at either e or i.
Therefore, these two noise sources have some correlations. In order to express
the two noise sources, we require four parameters in total. Two parameters are
required for the mean powers of e and i and two are required for the correlation
between e and i.

When the three noise sources of the input shown in Figure 4.21 are
transformed into the Norton equivalent circuit in Figure 4.21(b), the Norton
admittance is equal to the external source admittance given by Y, = G, + jB,. The

Norton current source i becomes Equation (4.75).
L= AitYe (4.75)

Suppose that i, denotes a part of the noise current i, which has no correlation



at all with noise voltage e. Then, the remaining part of the current i becomes i —
I,- Thus, the current i — i, is fully correlated to e as a result. The Norton current

source can be rewritten as Equation (4.76).
=i +(i—i,)+i, +Ye (4.76)
Let the correlation admittance between i — i, and e be Y, = G, + jB,; then the
equation above becomes Equation (4.77).

i =i +i, +(Y,+Y )e 4.77)

Since the three noise sources are independent, their mean power becomes
equal to Equation (4.78).

E(2) = E(2)+E(i2)+

The power of the thermal noise source in the bandwidth Af is expressed in
Equation (4.79).

Y, +Y,[ E(&) 4.78)

E(i2) = 4kT,G,Af 4.79)

If we use the concept of the equivalent thermal noise resistance given in
Equation (4.67) for the remaining two noise sources, they can be expressed as
Equations (4.80) and (4.81).

E(2) = 4kT,G,Af (4.80)

E(e*) = 4kT,R A (4.81)

From the definition of the noise factor, F can be expressed as
E(i

()

E(2)

The noise factor in Equation (4.82) depends on the real part of the source

admittance G,. As G, approaches zero, the noise factor becomes larger and

approaches infinity. Also, as G, approaches infinity, the noise factor approaches

G R 2
:1+E+€YS+YT‘ (4.82)

infinity, too. The noise factor shows a minimum for appropriate Y,. Thus, the

admittance that gives this minimum value of F is defined as Y,,, = G, + jBgp-

Equation (4.82) can be rewritten using the definition of minimum noise factor,
F.in- It can then be expressed as shown in Equations (4.83a)—(4.83d).

F=F,+ 2—{({3 -G,,) +(B,-B, )2} (4.83a)

L



5 V2
_ [ﬂ] (4.83b)

apt R
Bﬂpf = B:r (4.83¢)
Foo =1+2R,(G, +G,,) (4.83d)

Therefore, the two-port noise parameters can be defined in terms of F,,;,, R
and Y, instead of their mean powers, and the correlation of the two sources e

and i, which becomes another definition for the two-port noise parameters.

n»

In addition, by using the reflection coefficient, the equation above can be
rewritten as Equations (4.84a)—(4.84c).

arfr, -t f
=l = > (4.84a)
(1 -Ir| )\1+ r,,
E.= LY, 4.84b
g YS _ };ﬂ ( - )
| SN, ¢
T, =—"——r (4.84c)
cht = Yu
Here, r,, is R,/Z,. Generally, because F,;,, r,, and I, defined in the equations

above can be directly measured with a noise figure meter, they are the most
widely used as two-port noise parameters.

Example 4.9

Using ADS, determine the noise parameters F,;,, R,,, and I, for the
circuit shown in Figure 4E.14, for frequencies of 1 GHz to 10 GHz.
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Figure 4E.14 A two-port circuit with noisy resistors
Solution

Figure 4E.15 shows the simulation circuit set up to calculate the noise
parameters. As mentioned earlier, the noise factor is defined at the
temperature of 290 °K. However, the default temperature of ADS is set to
25 °C. Thus, the noise factor computed by ADS is slightly different from
the exact noise factor. Therefore, the option controller shown in Figure
4E.15 is inserted to set the temperature at 16.85 °C. ADS does not have a
separate noise simulation controller and the noise simulation is carried out
by S-parameter simulation. However, the S-parameter simulation
controller should be set for noise simulation to get the noise simulation
results from S-parameter simulation. Figure 4E.16 shows the pop-up
window of the S-parameter simulation controller. The box next to
Calculate noise should be checked for noise simulation. In the port fields,
the input is assigned to 1 and the output is assigned to 2. This assignment of
the ports reflects the port numbering in the schematic shown in Figure
4E.15. Thus, the port has Num=1 is the input port and Num=2 as the output
port. After the simulation, the noise figure and noise parameters such as
F. .., R, and Fopt are stored in a dataset as nf, NFmin, Rn, and Sopt,

respectively.

min»
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S_Param

SP1 Options

Start=1.0 GHz Options1

Stop=10.0 GHz Temp=16.85

Step=1.0 GHz Tnom=16.85
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Figure 4E.15 Simulation schematic. The temperature in the ADS
simulation is set to 25 °C by default. However, the noise figure is defined at
290 °K. Thus, the option controller is included to set the simulation
temperature at 290 °K, which is 16.85 °C.



m Scattering-Parameter Simulation: 7

S_Param Instance Mame

Frequency Parameters | Moise Output || Dig ©

Calculate noise

Moise input port 1
Moise output port [2
Moise contributors

Mode |Of v
Dynamic range to display dB
Bandwidth [1.0 ][Hz v
[ 0] ] [ Apply ] [ Cancel ] [ Help ]

Figure 4E.16 Pop-up window of S-parameter simulation controller. When
the Calculate noise check box is not checked, noise simulation is not
performed. Noise input and output ports are the port numbers for noise
sources and are usually set to be equal to the S-parameter port numbers.
Using Mode, we can find the contributions of various noise sources in a
two-port network from the dataset after the simulation.

The simulation results are shown in Figure 4E.17 and Figure 4E.18. In
Figure 4E.17, the noise figure appears as nf(2). The nf(2) represents the
noise figure at the output port (i.e., port 2) when a noise source is connected
to the input (i.e., port 1). On the other hand, nf(1) represents the noise
figure at the input port (port 1) when a noise source is connected to the
output, but nf(1) is not frequently used. It can be seen in Figure 4E.17 that
the noise figure is 11.76 dB and F,;,, is 11.439 dB. Figure 4E.18 shows the

reflection coefficient that gives the minimum noise, that is, I, (Sept). It



can be seen that Sopt is independent of frequency and has a constant value
of 28.86 Q.

Noise Figures(dB)

12.
i m?2 ml
S Y freq=3.000GHz
] / NFmin=11.439
1.6 nf(2)
" n;lrl m2
11.47 7 freq=6.000GHz
S Nfmin nf(2)=11.761
11,277
11.0 [ & [ F f * ] [ ] F J 4

1 2 3 4 5 6 71 8 9 10
freq, GHz

Figure 4E.17 Simulation results of noise figure and NF,;, given as decibel
values
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Figure 4E.18 Plot of S,

Example 4.10

The noise simulation results icor(1,1), icor(1,2), and icor(2,2) after the
S-parameter noise simulation represent the noise correlations E([i,;|%),

E(Ji,%), and E(i,,;" i,,,) in Figure 4.12, which are in an ADS dataset

appearing as a result of the simulation performed in Example 4.9.
Determine them by calculation and also verify them using ADS.

Solution
The Y-parameters of Figure 4E.14 are
-1
yn=2Y, = (5{] I SD) =¥y

|

Y ==Y, = _(SD) =¥n



The i,; and i,,, correspond to the short-circuit noise currents that appear

at ports 1 and 2 and are due to the three noisy resistors. The short-circuit
noise current at port 1 is due to resistors R; and R,, and that at port 2 is due

to R, and R;. The noise current in parallel with a 50-£2 resistor per 1 Hz
bandwidth is

E(|i,) = 4kTY,
Thus, E(Ji,;|?) and E(|i,,|%) that correspond to icor(1,1) and icor(2,2) in
the ADS dataset are computed to be
E(|i,;|?) = 2E(i,|*) = 8KTY, = icor(1,1) = icor(2,2)
The common noise current due to R, appears at ports 1 and 2. Since this
current appears in the opposite direction, we obtain
E(ii,)=E(ii,)= —E(:‘i) = —4kTY, = icor(1,2) = icor(2,1)
The following equations are entered in the display window to compute
E(lin|?), E(lino*), and E(in; iyo)-
SR T=290
i1=4*boltzmann*T/50
i_portl_sq=2%*il
icor12=il
Measurement Expression 4E.2 Equations

The boltzmann in Measurement Expression 4E.2 is a built-in constant
that represents the Boltzmann constant, while il represents E(|i,|?) of a 50-

Q resistor. Also, i_portl_sq and icor12 represent the computed values for
icor(1,1) and icor(1,2), respectively. Figure 4E.19 shows the comparison
and we can see that the computed and simulated results show an exact
match.
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Figure 4E.19 Comparison of the calculation results. The simulated outputs
icor(i,j) after the noise simulation represent the short-circuit noise currents
appearing at ports 1 and 2 that are verified by comparing them with the
directly computed values.

Example 4.11

Calculate the noise parameters of the circuit in Figure 4E.14 and compare
the results with the previously simulated ADS results in Example 4.9.

Solution
The short-circuit noise currents at ports 1 and 2 can be represented by e
and i as

Ing =1t Y€y =yi0€



Using the equations above, e and i are

g =12
Y12

s Yy .

L= I:'1‘1 1?12
Y2

Their ensemble averages are

E(e) = —E(i[) = - 8kTY, = 8kTZ,

12 Y2

2
E{‘|;!|2:" = E{'|;!..r11|2‘:' v [:i] E(|in2|2) - Z?E(inlin:?)

12 12
= 8KTY, + 4(8kTY,) — 4(4kTY, ) = 24kTY,
In addition, the correlation between i and e is

E(E' & 3) = E('F 5 I) = LE{I.;E[;EHI - &in:? )] = iE{';!.J‘ili:'tl} - y_;lE(
Y12 Y2 Y12 Y2

Keeping the correlation of i and e in mind, the results from Example 4.10
can be rewritten as

2
)

IHE

E(e i) = 4kT — ZIL8KTY, = —12kT

Yi

When a thermal noise source is applied to the input, the total noise
current of the input becomes

iT = iS +— Gse
Therefore, the average of the total current noise at the input is
: . . 2 (2 2 2 _
E(|3T|2) = E(|15|2) + E(|1 - G5£| ) = E(|:5| )+ E(|t| )+ GSE(§€| ) — ZGEE(E - )

2
= 4KTG, + 24kTY, + %(BkT] +2G, (12kT)

[}

Hence, the noise factor is

2 Y 26
B GO L
E(#) G, Y,

Since G, = Y, the noise figure is



nf2)=F=7+6+2=15=11.76 dB

The minimum value of F occurs when

Y. N
6L = —= G =+3Y
Gs Yﬂ - L] \‘I{_ &)

Therefore,

i'
zZ, = ngu =28.6Q

The minimum noise factor is then
I P T s he SR

min

By comparing these results, we can see that the computed F,;, and I'
agree exactly with the previously simulated results in ADS. Alternatively,
by using the definition of the noise factor in Equation (4.68), we can

directly calculate the noise factor, but that is not presented here.

4.2.5 Frii’s Formula

Figure 4.22 shows an n-stage cascaded amplifier. The available power gain
and noise figure of each stage is denoted as G,4; and F;, respectively. Then, the
equivalent available input noise power at each stage will be (F; — 1)kT Af, as

shown in Figure 4.22. It is also worth noting that each amplifier is assumed to be
matched.

#1 #2 #n

F\G, > 7.G,
éP(F.—l)kw é&a—nmf' ?(F,.—l)k?ﬁ,&f'

kT Af
Figure 4.22 An n-stage cascaded amplifier

Thus, the output noise power Np is

N, = EkKTAGG, --- G, + (Fz B l)kTu‘f?sz Gy bt (Fn - l)kTaAfGn (4.85)

Suppose that the overall noise factor of the cascaded amplifier is F, ;. Then,



the equivalent available input noise power of the cascaded amplifier is F, kT Af.
The equivalent input noise power F, kT Af will be amplified by the cascaded
amplifier and delivered to the load. Thus, N; can be expressed as
NT = FmtkTa‘é‘fG1G2 o Gn (4.86)
Comparing Equation (4.85) with Equation (4.86), the overall noise factor F,,
can be expressed as Equation (4.87).
Bomll Bl
FE,=F +-2 + =2
Gl G1G2
Also, we can see that the overall power gain G, is
G, =GG, -G, (4.88)

Equation (4.87) is known as Frii’s formula, which can be used to obtain the
overall noise figure of cascaded stages when the noise factor and available
power gain of each stage are known. Also, from Frii’s formula, when the gain G,

(4.87)

of the first stage is large enough, it can be found that the overall noise figure is
mainly determined by the noise figure of the first-stage amplifier.

Example 4.12

In the block diagram of the cascaded three-stage amplifier shown in
Figure 4E.20, calculate the overall noise figure and gain.

G=10dB G=10dB G=10dB
NF=0.45dB NF=0.55dB  NF=0.55dB

o > e o

Figure 4E.20 Block diagram of a cascaded three-stage amplifier
Solution

Since Equations (4.87) and (4.88) are not expressed in decibel scale, the
decibel values in the second and third columns of Table 4E.1 are first
converted into linear-scale numbers in columns 4 and 5, respectively. The
values are calculated using

G =109 [ F-~=+10-1



G(dB) F(dB) G F F NF, (dB)

Ampl 10 0.45 10 1idk: 112 0.51
Amp2 10 0.55 10 1.14 115 0.60
Amp3 10 0.55 10 1.14 1.14 0.55

G and F are the converted gain and noise figures from their decibel values.
NFt (dB) is the noise figure computed at the input of the corresponding
stage.

Table 4E.1 Calculated noise figures

The conversion from decibel to linear scale must be carried out before
applying Frii’s formula. Rather than the direct application of Equation
(4.87), the overall noise figure can be computed by repeating the
computation of the two-stage noise figure. Denoting the second-stage noise
factor as F, and the gain and noise factor of the first stage as G; and F,

respectively, the overall noise factor F, of the two stages becomes

Ei=1
F =F +-2

t 1

1

Applying the formula above iteratively and moving from the last to the
first stage of the cascaded stages, the noise factor can be calculated. The
noise figure of the third-stage amplifier alone becomes its own noise figure,
as shown in the fourth row and Ft column. Then, the noise figure at the
second-stage amplifier input can be calculated using the formula above, and
the result is shown in the third row. The total noise figure seen from the
first-stage amplifier can be calculated similarly. The values in the Ft
column are then converted to decibels using

NF [dB] = 10logF,

The results in Table 4E.1 are calculated using Microsoft’s Excel
spreadsheet program. It can be seen that the overall noise figure is 0.51 dB.
Considering the noise figure for the first stage is 0.45 dB, the overall noise
figure appears to be slightly increased. However, when the gain of the first
stage is high enough, the overall noise figure approaches the first stage’s
noise figure.

Example 4.13



o—— W

For the block diagram of the cascaded receiver shown in Figure 4E.21,

calculate the overall noise figure and gain.

L=6dB G=10dB

Figure 4E.21 Block diagram of a cascaded receiver

Solution

G=10dB
NF=6.0dB NF=0.45dB NF=0.55dB

>

The overall noise figure and gain can be solved in the same way as in
Example 4.12 and their values are shown in Table 4E.2. It is worth noting
that if an attenuator with an attenuation of L appears first and its output is
connected to the next stage of a noise factor of F,, then the overall noise

factor becomes approximately

E :%+L(P2—1);LF2

O

G(dB) F(dB) G F F, NF, (dB)
Attl % 6 025 398 457 6.60
Amp? 10 0.5 10 114 115 060
Amp3 10 0.5 10 114 114 055

Table 4E.2 Result of calculated noise figures

The designation is the same as in Table 4E.1.

Thus, the noise figure becomes
F[dB] = L[dB] + F,[dB]

That is, the overall noise figure is obtained by adding the attenuator
losses to the next-stage noise figure in decibels. Looking at Table 4E.2, the
results can be seen to reflect this fact. Therefore, when constructing a low-
noise amplifier, the loss in the input matching network is directly associated
with the noise figure. Thus, the reduction of the input matching network

loss is crucial in the low-noise amplifier design.




4.2.6 Measurement of Noise Figure and Noise Parameters

4.2.6.1 Noise Figure Measurement The noise figure of a two-port network can
be measured using the setup shown Figure 4.18. Generally, the noise figure
depends on frequency and the measurement of a spot noise figure for a given
frequency requires the measurement of the spectral noise power. The spectral
noise power can be measured using a tunable bandpass filter that moves its
center frequency within a specified narrow bandwidth. The equipment that can
measure the spectral noise power is a noise figure meter shown in Figure 4.23.
An early-stage noise figure meter can measure the noise figure up to a frequency
of 1.5 GHz due to the difficulty of the hardware’s implementation.

P %’-_—, g 585% 4_:1 ) inoitse Figure
cler
losasees222” S0 £
| ;-fm = = *ﬁ -»31!n " Noise Test Set

Be0den

LO Source

Figure 4.23 Noise figure measurement system.2 The noise figure meter
measures the noise figure of a DUT, but its frequency range is limited to 1.5
GHz. The noise test set is the down-converter for the noise figure meter. In
the down conversion, an LO source is necessary. The signal generator at the
bottom acts as the LO source for the down-conversion.



3. Agilent technologies, HP8970 Series, Noise Figure Measurement Products, 5091-6049E.pdf, May,
1999.

Recently, new equipment that seems to perform better than the former noise
figure meter has been developed. However, the explanation we will present is
based on that former noise figure meter. Although the meter can directly
measure noise power only up to a frequency 1.5 GHz, extending it to higher
frequencies is possible through a frequency down-conversion. The required
equipment for the frequency down-conversion includes a noise figure test set
and an RF signal source. The noise figure test set can be viewed as a mixer. The
RF signal source plays the role of a local signal source. This combination of
equipment is known as a noise figure measurement system and is shown in

Figure 4.23.

We now turn our attention to a noise source, an example of which is shown in
Figure 4.24. When a DC voltage of 0 V is applied to the 28 V pulse input shown
in Figure 4.24, the noise source behaves like a thermal noise source at room
temperature, and the noise source is said to be in the cold state. When a DC
voltage of 28 V is applied, a larger thermal noise than room temperature appears
at the coaxial connector output, and the noise source is said to be in the hot state.
The figure of merit for such noise sources is Excessive Noise Ratio. Excessive
Noise Ratio (ENR) is defined as the ratio of the excessive noise power in the hot
state to the thermal noise in a cold state. Defining the thermal noise at room
temperature or a cold state as kT, Af, then the excessive noise in a hot state can

be expressed as k(T; — T,) Af, where T is the equivalent noise temperature in the
hot state. Thus, ENR can be expressed as Equation (4.89).

ENR = L=
T

o

(4.89)



Noise Output

28V Pulse Input

Figure 4.24 Noise signal source.? At the BNC connector labeled 28 V pulse
input, the pulse signal from the noise figure meter is applied. The pulse
signal periodically changes from O to 28 V. At the connector labeled noise
output, broadband noise signals appear. The noise power at 0 V is close to
the thermal noise power level, while at 28 V, an increased noise power from
the thermal noise power appears at the output.

4. Agilent technologies, 346A/B/C Noise sources 10 MHz to 26.5 GHz, 5953-6452.pdf, 2000.

Figure 4.25 shows the setup for the measurement of the noise figure of a DUT.
In Figure 4.25, the noise figure meter drives the noise source using the periodical
pulse voltage that changes from 0 to 28 V. To measure the noise figure of the
DUT, the cold noise source is first applied to the DUT, and the resulting output
noise power of the DUT is measured. This corresponds to the noise output power
of the DUT for the thermal noise input power at room temperature. Then, the hot
noise is applied to the DUT and the output noise power of the DUT is measured.
From these two measurements, the noise figure of the DUT can be determined.
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Figure 4.25 Noise figure measurement setup using noise figure meter and
noise source

Figure 4.26 shows the concept of the noise figure measurement shown in
Figure 4.25. In Figure 4.26, the noise powers delivered to the load in the noise
figure meter are denoted by N, and N;. Noise powers N, and N; represent the
DUT output noise powers for the thermal noise input at cold and hot states,
respectively. Now, denoting the noise figure of the DUT as F, the equivalent
noise power (F-1)kT Af of DUT can be placed at the input. Consequently, the
two-port DUT becomes a noise-free two-port network because all internal noises
are placed at the input. The hot-state and cold-state noise inputs are represented
by switches. Thus, in the cold state, thermal noise of kT Af is applied to the

DUT, whereas the hot noise kT;Af is applied to the DUT in the hot state.

Noise Source Load
1T T 1 (DUT)
CD Noise-Free § {N !
§ Two-Port R N
Y, Network L ’
kLA LA (F-1)kTAf




Figure 4.26 Representation of the noise figure measurement in Figure 4.25
When the input is thermal noise at room temperature, the output becomes N, =
FKkT GAf. Here, G represents the DUT power gain. When the input is in the hot
state, because there is no change in the noise temperature of the DUT, N,
becomes Equation (4.90).

N, = kTAfG + (F - 1)kT,AfG (4.90)
If we take the ratio of the two powers, which is called the Y-factor, we obtain
_N, _ kT ASG + (F — 1)kT ARG @91)
N, FkT AfG

Using Equation (4.91), the noise factor can be determined as

B T i
P (Y-1) (4.92)

o

Equation (4.92) is rewritten using the definition of ENR and the noise figure is
thus expressed in Equation (4.93).

F(dB) = 10log(ENR) — 10log(Y - 1) (4.93)

From Equation (4.92), the noise figure can be determined using ENR and the
Y-factor. Thus, changing the center frequency of the bandpass filter with fixed
bandwidth Af in the noise figure meter, the frequency-dependent noise figure can
be measured. The bandwidth Af can also be controlled by manipulating the front
panel keys of the noise figure meter.

4.2.6.2 Noise Parameter Measurement The setup to measure the noise
parameters using the noise figure meter is shown in Figure 4.27. With this setup,
the noise parameters can be indirectly measured. In the setup shown in Figure
4.27, the source impedance seen from the DUT can be adjusted through the
tuner.
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Figure 4.27 Noise parameter measurement setup

Here, the tuner is the commercially available mechanical impedance tuner.
Thus, by adjusting the tuner, the point that shows the minimum noise figure can
be found. The minimum noise figure is F,,;,. The impedance I, that yields the
minimum noise figure can now be obtained by measuring the tuner impedance
using a network analyzer. To measure I, the measurement can be made by

replacing the noise source with a 50-Q load. For the remaining parameter r,, the

tuner is removed and the noise figure of the DUT is measured again. This is the
noise figure when the input and output impedances are 50 Q. Denoting the
measured noise figure as Fz, and then substituting I'; = 0 into Equation (4.84a),
the normalized noise resistance r,, can be calculated as shown in Equation (4.94).
2

\1+r
F

opt
2

(4.94)

= §8 o
rﬂ 50 min 4|rﬂpt

Thus, the noise parameters can be measured using a noise figure meter and
tuner.



4.3 File Formats

Generally, the suppliers of high-frequency devices provide the measured S-
parameters. If the S-parameters are absent, they can be obtained by direct
measurement. These S-parameters are necessary for designing circuits or
performing circuit simulations. Conversely, the performance of a designed
circuit is also evaluated in terms of the S-parameters. The S-parameters are
written as a normal ASCII text file and the data is delivered to a data device for
simulation in ADS. This text file exists in various formats and will be described
in this section. The file formats for recording two-port parameters can be
generally classified into four types: a Touchstone file, a CITI file, an IC-CAP
file, and an MDIF file. Among these, the most commonly used formats are
Touchstone files and CITI files, which we will describe in this section.

A Touchstone file is an ASCII text file and a Touchstone format is also
commonly called an SnP format. The letter S in SnP stands for S-parameters,
while n stands for the number of ports. The two-port parameters such as G-, H-,
Y-, and Z-parameters instead of the S-parameters can also be written in the
Touchstone file format. This is summarized in Table 4.3. In addition to the S-
parameters, two-port noise parameters may also be included in the Touchstone
file format.

= SCattering parameters
= Admittance parameters
Impedance parameters

= Hybrid-h parameters

OTN<®
1]

= Hybrid-g parameters

Table 4.3 Parameter abbreviations in the Touchstone format

Touchstone file formats are composed of an Option